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ABSTRACT
The increasing interest in modern multimedia applications, such as broadband
Internet, HDTV, etc. requires new access techniques for connecting the private premises
to a communication backbone. One promising technology, Broadband over Powerlines
(BPL), uses electric powerlines as a high speed digital data channel to connect a group of
private users to a very high data rate backbone, such as fiber optic. The lines in power
delivery network can be categorized based on several criteria. Depending on line voltage,
HV (high voltage), MV (medium voltage), and LV (low voltage) grids are typically
defined. Most HV/MV transformers locations are equipped with a high-speed fiber
connection. Therefore, MV lines can act as the first pipeline of high-speed connection
from backbone to the home users.
In this dissertation, we explore the potential of this technology and then examine
the system performance enhancement for such channel environment using different
modulation and coding techniques.
Although for nearly a century some elementary transmission models of these lines
have been available, no serious attempt has gone into a comprehensive BPL channel
modeling for high frequency spectra. In this research we use a new modeling of multiconductor wave propagation in overhead lines, considering transient effects. The model
identifies independent wave modes for overhead lines and it is useable over a wide range
of frequencies. The proposed model incorporates realistic ground admittance, appropriate
for higher frequencies used by broadband over powerline communications. By
calculating the lossy ground impedance for multi-conductor lines, we derive a transfer
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function for these networks. By applying water filling in spectral domain, we were able to
express the channel capacity of powerline networks, using the developed transfer
function. The powerline channel suffers from multipath fading and frequency selectivity.
Nevertheless, the calculated channel capacity limit promises very high data rates over this
channel.
Furthermore, LV powerline channels suffer from impulsive bursty noise. In this
dissertation two models for this noise are presented and discussed. One of the major
burdens of BPL is the electromagnetic compatibility (EMC) of this technology to other
wireless systems. Since electric wires might radiate electromagnetic waves at high
frequencies, precautions need to be employed in order to avoid any interference to other
wireless devices. This issue is also investigated in this research briefly.
The well-known multi-carrier technique, Orthogonal Frequency Division
Multiplexing (OFDM), is considered as the modulation scheme for BPL by most
researchers. By the application of OFDM, the most distinct property of power-line
channel, its frequency selectivity, can be easily coped with. Moreover, OFDM can
perform better than single carrier modulation in the presence of impulsive noise. In this
dissertation the bit error rate (BER) performance of the OFDM system under impulsive
noise and frequency fading is theoretically analyzed and closed form expressions for this
performance is derived. In order to make a very efficient use of the allocated bandwidth
and energy in OFDM, adaptive allocation algorithms should be employed. These
algorithms are studied comprehensively in this thesis. Additionally, an iterative algorithm

v
is proposed to predict and cancel the impulsive noise in the OFDM system over
powerline channels.
Enhancement techniques, such as coding can help an OFDM system to achieve
the capacity limit as close as possible. A theoretical upper bound on the performance of
coded OFDM system is obtained, given perfect interleaving. The effect of the interleaver
length on coding performance is also studied. Simulations show that the upper bound is
quite tight for the case of employing a longer interleaver. The effect of interleaver size
on the system performance is studied, as well. In this dissertation we also employ Digital
Fountain codes, which are a new class of erasure detecting codes. These codes are
considered the state-of-the-art discovery in coding theory due to their simplicity and
performance.
Indoor wireless connectivity is always appealing to consumers because of its ease
of use. For this reason, indoor optical wireless communications through lighting LEDs
has been investigated in this research. A suitable channel model is proposed for this
system and the corresponding transmission capacity values are calculated. It is shown
that the combination of BPL and white LED technology makes an efficient method for
fulfilling the premise of broadband access for home networking, while providing efficient
and low-cost lighting.
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Chapter 1
Introduction

1.1 Motivation
Fast Internet access is growing from a convenience into a necessity in all aspects
of our daily lives. Unfortunately, this has been held back by the high expenses of wiring
infrastructure essential to deliver such high-speed internet access especially to private
homes, small offices and rural areas, where the installation of any kind of new wires tilts
the scales of the economic feasibility to a non-profitable state. This problem is known as
the “last mile problem” which has been an active area of research throughout research
community. One promising technology, Broadband over Powerlines (BPL), uses electric
powerlines as a high-speed digital data channel to connect a group of private users to a
very high data rate backbone, such as fiber optic.
The lines in power delivery network can be categorized based on several criteria.
Depending on line voltage, HV (high voltage), MV (medium voltage), and LV (low
voltage) are typically defined. Within a distribution grid, depending on the topological
configuration, either overhead lines or underground cables are used.
Overhead MV lines differ considerable in structure and physical properties compared to
other wire-lines as twisted-pair, coaxial and fiber-optic cables. The power-lines in USA hang

overhead at a height of ~10 meters above ground, for more than 85% of locations, simply
because over ground wiring is 10 times cheaper than underground. Typically, 4 wires;
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three phases and a neutral (sometimes a grounded neutral) with ~ 1 meter spacing
between wires are used over the earth. Wires are made of aluminum with conductivity;
61% of standard annealed copper. Wires are unshielded; thus, quasi-guided (guided plus
unguided) modes exist. Each power-line acts as a BUS; thus the available band has to be
shared among users; that is, half dozen homes per transformer, in the USA.
While significant research and development have been done on BPL in Europe, where
underground cables are typically used in this application, there has not been much done
on MV overhead lines in USA.
The power distribution grid resembles an omnipresent, widely branched
hierarchical structure. Each home is equipped with electricity by means of LV powerline
grid. LV lines are distributed to each power plug in every room in a house. More than
99% of the homes in the USA have access to electricity, whereas connectivity level is far
less for cable and phone lines. Thus, a combination of MV and LV powerlines can be an
appropriate candidate for providing broadband access to every home in the country,
offering both last mile and last meter solutions. In Europe, there have been significant
efforts to utilize the LV distribution grid consisting mostly of ground cables and inbuilding LV network as a medium for broadband service delivery [1][2][3][4][5][6][7].
Unlike the European system, a typical power-line access network in the US is composed
of MV distribution grid and LV lines to and from houses. It is usually composed of 3
phases and a neutral wire or 3 phases and a grounded neutral wire. Measurements over 3phase overhead MV lines were performed in South Korea [8][9]. A typical scenario for
such an access network is shown in Figure 1-1. Currently, many vendors have proposed
use of frequencies between 2 MHz to 50 MHz for BPL application [10].
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Figure 1-1: A typical power line access network architecture
Originally designed for power delivery rather than signal transmission, power line
has many non-ideal properties as a communications medium. Impedance mismatches at
joints cause reflections that generate conditions similar to those created by multipath
fading in wireless communications. While there have been lots of research efforts to
characterize the European ground cables, there has not been available a proper theoretical
model for multi-conductor overhead MV lines, a typical situation in USA.
It has to be kept in mind that the use of electric network to carry RF waves is not
unconstrained, because by occupying a frequency band of about 2 to over 50 MHz, a
frequency overlap is created with the existing services such as; the entire HF services,
long-wave, medium-wave, and short-wave radio and amateur radio bands, as air-borne
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power lines also act as antennas, transmitting and receiving interference to and from the
surrounding environments.
Indoor wireless connectivity is always appealing to consumers because of its ease
of use. One of the conventional wireless access systems is Wi-Fi. These systems and
similar other wireless schemes suffer from so many shortages, such as interference, not
providing quality-of- service (QoS), adequate coverage, etc.
A better candidate for wireless home networking is optical wireless. Use of
conventional lasers for optical indoor communications has not been feasible as yet,
because of the high cost of laser sources. Instead of lasers, LEDs can be used as
communications transmitters connected to electric grid, receiving high data rate signals
via BPL.
Recently, white LEDs emerged in the market and are considered as future
“lamps”. Apparently, in the near future, the incandescent and fluorescent lamps will be
replaced by the low cost, efficient and miniature white LEDs. Researchers pledge that by
2012, these devices will reach 7W and 1000lm. This is brighter than a 60-w bulb and yet
draws a current provided by 4 D-size batteries [11]. A Japanese research team suggested
the use of the same white LEDs not only for lighting the homes, but also as light sources
for wireless in-house communications [12]. Using this new and developing technology
along with MV/LV powerline communications can create a revolution in the area of
consumer networking due to its efficiency and affordability.
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1.2 Dissertation’ objective
In order to be able to design a system that can communicate effectively in a
certain environment, three main concepts need to be considered. First, an accurate model
of the communication channel is required. Secondly, a modulation scheme appropriate to
the channel conditions and system requirements need to be considered. Finally, a receiver
architecture that is appropriate to the modulation scheme need to be selected.
Thus, in order for BPL technology to succeed, several hurdles have to be
overcome, such as finding a suitable model for the power line channel that incorporates
signal degradation through the line and interference sources, determining the appropriate
frequency allocation scheme and acceptable transmission power levels to minimize
interference into existing services, and finally selecting suitable modulation, coding and
detection schemes and measures to minimize the effect of external interference on the
proposed system.
Based on the above observations with respect to the channel and Electromagnetic
Compatibility (EMC), one has to be careful, when choosing an appropriate modulation
scheme. Selection of a modulation scheme for PLC must account for three major factors:
Presence of noise and impulse disturbances causing a relatively low SNR.
Time-varying frequency-selective nature of channel.
Regulatory constraints with regards to electromagnetic compatibility that
limits the transmitted power.
Reduction of power spectral density of PLC signals in order to minimize
radiation.
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A choice should be made of either a robust solution (i.e., one providing sufficient
quality for a wide range of variations of the model parameters) or an adaptive one. The
following modulation schemes are of high interest as candidates for robust solutions:
single-carrier modulation, spread spectrum, multi-carrier modulation, or a combination of
spread spectrum and multi-carrier modulation.
Adaptive transmission schemes maximize the use of channel at the cost of an
increase in complexity; adaptivity can be implemented through adaptation of the
transmitted power level, constellation size, and symbol rate.
One objective of this work is to research BPL communication systems, through
methodical examination of the aforementioned three communication system components,
in order to propose a system architecture that can provide a reliable performance for BPL
system conditions and requirements in addition to providing enough transmission
capacity for the system to be deployed in commercial applications.
Moreover, another goal of this research is to provide an insight about feasibility of
indoor white LED broadband communications systems and introduce the promising
characteristics of this novel technique.

1.3 Dissertation’s outline
This dissertation is organized as follows; chapter 2 introduces the basics of
channel modeling for this system and compares different methods. In this chapter, we
discuss about accuracy of each method and based upon the most accurate method, we
build up our network channel model. Additionally, this chapter provides a brief review on
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channel capacity concepts and based on this theory, it presents channel capacity bounds
for our modeled channels. Chapter 3 introduces the noise issue and its source for the
powerline communication system. Moreover, it introduces the electromagnetic
interference caused by deployment of broadband powerline systems and it provides
possible methods to mitigate this problem. Chapter 4 provides a review of different
modulation schemes suitable for BPL and then it studies the performance characteristics
of each of these schemes for different powerline channel situations. The coding schemes
and their performance improvements are discussed in Chapter 5. Furthermore, different
coding methods are compared to one another and their complexity and achievable
improvements are discussed in this chapter. In chapter 6, we present a brief review of
indoor broadband white LED communications channel modeling and we demonstrate the
potential of this novel scheme for providing broadband connectivity to the home users.
Chapter 7 concludes the dissertation and describes the future tasks needs to be considered
for further developments in this research.

Chapter 2
High Frequency Powerline Channel Modeling and Channel Capacity

2.1 Wire-line channel modeling background
Powerline wires are transmission lines (TL) for the electromagnetic waves similar
to any electromagnetic TL. Frequency response, H (f), of a matched transmission line can
be expressed by means of a propagation constant, γ. The voltage along wire at a distance l
from the source, V (l), is obtained by [13]:
V (l ) = H ( f )V ( 0 )

2.1

H ( f ) = e − γ ( f ) l = e − α ( f ) l e − jβ ( f ) l

2.2

where V(0) is the voltage at the source. α is the real part of propagation constant and is
called attenuation constant, β is the imaginary part of propagation constant and is called
phase constant. By having the propagation constant, one may easily find the transfer
function for TL at a desired point on the line. Therefore, the major attention in channel
modeling of Transmission Lines is focused on finding the respective propagation
constant for that specific line.

2.1.1 Single conductor over lossy ground
Historically, finding the propagation constant of “a thin wire over earth” was of
interest to the researchers since early 20th century because of its application in power
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transmission and telephone communications. These systems operate at very low
frequencies. At these frequencies, the height of wire is a small fraction of wavelength and
all the coupled energy into the wire propagates in quasi-TEM mode. Thus, the early
works in this field were focused on finding the distribution characteristics of this
propagation mode in transmission line.
Carson reported the earliest solution for this problem in 1926 [14]. In his work, he
calculated values for distribution parameters of a quasi-TEM mode in transmission line.
In doing so, he made three assumptions:
1) The propagation constant is not significantly different than that in
dielectric; therefore, Laplace’s equation can be substituted for two-dimensional
wave equation in air.
2) The displacement currents in earth surface are negligible.
3) The effect of earth conductivity on the per unit length parallel admittance
is negligible.
These assumptions restrict the solution to very low frequencies and/or perfectly
conducting earth.
To find the exact solution for this problem at high frequencies with lossy ground
return, we need to derive the modal equations. Kikuchi [15] [16] in 1956 derived the
exact modal equations for very thin wires above the earth. In this work, he used quasistatic and asymptotic expansion of the exact modal equation to investigate the transition
from quasi-TEM to surface wave propagation. Carson’s method is essentially a low
frequency approximation of the transmission line mode. On the contrary, Kikuchi’s result
is associated with the entire frequency spectrum of the same mode. Kikuchi showed,
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experimentally and theoretically, that as frequency increases, the transmission line quasiTEM mode reverts to a TM mode. According to Kikuchi, as frequency increases there
exist a high field concentration around the wire and a large longitudinal displacement
currents that act as the return currents over air, thus minimizing the role of the earth as
the return current path. Therefore, after certain frequency, the pathloss of transmission
line diminishes by increasing frequency. In 1972, Wait [17] extended Kikuchi’s work and
could derive and solve the exact modal equation for a thin wire above the earth. A
summary of his work is described here.
Consider the problem shown in Figure 2-1.Here, a perfectly conducting wire with
radius a is located in free-space. The wire is parallel to the surface of homogenous
conductive earth at height h. Earth is characterized with a relative permittivity, εg, and a
permeability, μg=μ0, and a conductivity σg. Wait showed that the propagation constant, γ,
for the wave on the wire can be expressed in terms of the standard transmission modal
line equation:

γ =

ZY

= α + jβ

2.3

where Z is the equivalent series line impedance and Y is the equivalent shunt line
admittance.
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Figure 2-1: A thin wire over ground
Both Z and Y are functions of γ:

Z=

1
jωμ 0 (Λ + 2(Q − jP ))
2π

2.4

2πjωε 0
Λ + 2( N − jM )

2.5

Y=

)

2.6

e −2u0 h
Q − jP = ∫
cos(λa )dλ
u + ug
0 0

2.7

(

Λ = K0 ja k02 − γ 2 − K0 (2 jh k02 − γ 2 )
∞

∞

N − jM =

∫k
0

e −2u 0 h
2
g

u 0 + k 02 u g

cos(λa )dλ

u0 = λ2 +γ 2 − k02 and ug = λ + γ − kg
2

2

k o = ω μ 0 ε 0 and kg = ω μg (εg −

2

jσg
ω

2.8

2.9
)

2.10
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As Wait in [17] pointed out, the earlier work of Carson represents a special case

a k 02 − γ 2 << 1 ,

of solution to 2.3. If

2h k 02 − γ 2 << 1 , 2h>>a, k 0 h << 1 , and

k0
<< 1 , then the small argument approximation of Bessel function can be invoked,
kg
Q-jP can be simplified and N-jM can be neglected. With these approximations, the final
result in 2.3 is identical to Carson’s answer for the propagation constant:

γ = k0 1 −

Jc
2h
ln( )
a

2.11

where Jc is the approximation of 2(Q-jP) and is given by:

J

c

=

2
k g2

∞

∫(

λ2 − k

2
g

− λ )e

−2λh

dλ

2.12

0

Carson’s integral in 2.12 can be expressed as a series that was presented in [14].
Unfortunately, even with these assumptions and using the series expansion, the solution
appears to be rather complicated. However, Carson noted that the leading terms in the
series are of importance in many practical cases, which could lead to a simple closed
form answer [14].
The earlier result of Kikuchi [15] is also embedded in the Wait’s full wave
solution. If a is vanishingly small compared to the wavelength, the small argument
approximation for Bessel function can be substituted and the cos(aλ) term may then be
set to unity in Q-jP and N-jM. Based on these assumptions, the results of Kikuchi and
Wait are identical.
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All the aforementioned modal equations were derived by assuming that wires are
perfect conductors. In real powerline systems, the wires are made from near-perfectly
conducting materials. In MV overhead powerlines, the conducting material in wires is
Aluminum with 30% less conductivity than the Copper. To deduct a more generalized
solution for this problem several investigations were conducted in this field since early
1970’s. For example: Wait et al. [18] in 1975, Olsen et al. [19] in 1978 and a more recent
one, D’amore et al. [20] in 1996. The basic concepts of these explorations are the same;
the difference is in the assumptions and estimations, which are advisable in different
cases for converting a complicated result to a simple one.
Basically, for analyzing this problem, we need to satisfy the boundary conditions
on the interface between the surface of wire and the medium surrounding the wire.
Suppose we characterize wire with a conductivity σw and a permittivity εw and a
permeability μw=μ0. From [20], for boundary conditions we will have:
E x ( x, h, a) wire = E x ( x, h, a ) air

2.13

The x- component of electric field on the wire is given by:
E x ( x, h, a ) wire = z ′ i ( γ ) I ( x )

2.14

where z ′i ( γ ) is wire inner impedance and from[19], it is formulated as:

zi′( γ ) =

ωμ ωuω I 0 ( juω a )
2πakω2 I1 ( juω a )

2.15

ε w jσ w
−
ε 0 ωε 0

2.16

k ω2 − γ 2

2.17

k w = k0

uω =
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Following the procedure in [20], the x-component of electric field in air is
obtained by:

EX ( x, h, a) air =

M ( γ , h, a ) =

− jωμ0
M ( γ, h, a)I ( x)
π

k 02 − γ 2
γ2
Λ
(
γ
,
h
,
a
)
+
S
(
γ
,
h
,
a
)
−
S 2 g ( γ , h, a )
1g
k 02
2k 02

2.18

2.19

Λ( γ , h, a ) = K 0 ( ja k 02 − γ 2 ) − K 0 ( j 4h 2 + a 2 k 02 + γ 2 )

2.20

1 ∞ exp( − u 0 2 h )
S1 g ( γ , h , a ) = ∫
exp( − jz λ ) d λ
2 − ∞ u0 + u g

2.21

S 2 g ( γ , h, a ) =

1 ∞ exp(−u 0 2h)
exp(− jzλ )dλ
∫
2 −2
−
∞
2
k g k0 u0 + u g

u0 =
ug =

2.22

λ 2 + γ 2 − k 02

2.23

λ2 + γ

2.24

− k g2

2

S1g and S2g are called Sommerfeld integrals. By combining 2.18 and 2.14 in 2.13
we will get:

z i′ (γ ) = −

j ωμ

π

0

M (γ , h , a )

2.25

By the help of equations 2.15 to 2.21, equation 2.25 can be solved for γ. Equation
2.25 is composed of Bessel and Sommerfeld integrals, which are functions of γ; therefore,
the general explicit answer to 2.25 cannot be obtained and it needs numerical methods to
solve 2.25 for propagation constant, γ. Solving this equation numerically is not an easy
procedure because there is no certainty about starting point for γ. An unsuitable starting
point can cause answers to diverge. D’amore et al. in [20] assumed kw>>k0 and k02-γ2≈0,
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which are admissible for those cases when the wavelength is smaller than ten times the
height. For example, for the system with a 10 meters height above earth, these
estimations are valid, roughly up to 100 MHz frequencies. With these assumptions in
mind, the propagation constant can be expressed as:

2h
⎤
⎡
2πzˆ i′ ( jωμ 0 ) −1 + ln( ) + 2Sˆ1g ( h) ⎥
⎢
a
γ 2 = k 02 ⎢
⎥
2h
ˆ
⎥
⎢
ln( ) + S 2 g ( h)
a
⎦⎥
⎣⎢

zˆ i′ =

ωμ w I 0 ( jk w a )
2π ak w I 1 ( jk w a )

Sˆ1g (h) = 0.5 ln(1 + α ′r −1 )
Sˆ 2 g (h) =

α′ =

k 02
ln(1 + β ′r −1 )
2
2
k g + k0

2

k 02 − k g2

and β ′ =

k 02 + k g2
k 02 k 02 − k g2

r = 4h 2 + a 2

2.26

2.27
2.28
2.29
2.30
2.31

For better understanding of these formulations we consider two cases: first, when
the wire’s height is large enough compared to operating wavelength, similar to MV
powerline situation and second, when this height is smaller or comparable to the
wavelength as in the case in LV powerlines.
In the first case the configuration used in our simulations is composed of one wire
with σw=3.8 ×107 S/m and εw=2.3×103ε0 at 10 meter above the earth. The wire has a radius
of 1 cm. Earth is characterized by σg=0.005 S/m and εg=13ε0. The imaginary and real
parts of propagation constant for this wire are depicted in Figure 2-2 for three different
formulations. As it is shown in this figure, for attenuation constant, the three formulations
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agree at low frequencies and increase with frequency increments, but after some
frequency, D’amore’s formulation shows a decrease in attenuation constant, Kikuchi’s
formulation goes to a saturated situation and Carson’s result increases monotonically
with frequency. On the contrary, phase constants of all three methods agree almost over
the whole frequency band.
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Figure 2-2: (a) Real and (b) Imaginary part of propagation constant of an overhead
wire at height of 10 meter obtained by three different methods
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For simulation of the second case, the same wire and earth characteristics are
used. The height of wire above the ground is 10 cm. In this situation our desired
wavelengths (frequencies between 1 to 100 MHz) are not fraction of height anymore;
therefore, the D’amore’s assumptions are not applicable. On the other hand, at this height
and frequency range, Carson’s formulation of 2.11 can be used. Furthermore, Kikuchi’s
assumption in [15] (

λ
h

>> 1

) is valid for almost all the frequency range; thereby the

approximate series expansion for integrals of 2.4 and 2.5 can be applied. Figure 2-3
illustrates the three different results for the attenuation constant of this wire obtained
from the mentioned methods. Kikuchi and Carson method’s results are approximately in
agreement, whereas D’amore approach offers significantly different values for
attenuation constant in this frequency range.

Figure 2-3: Attenuation constant of an overhead wire at height of 10 centimeter
obtained by three different methods
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These two examples showed the applicability of the studied methods in certain
conditions. The results from these two cases can suggest which method is more reliable
to use in specific situations of powerline communication channel modeling.
Consequently, for overhead MV powerline networks, where the lines are 10 meter or
more above ground, D’amore’s method is the most accurate model whereas for indoor
LV powerlines either Carson or Kikuchi’s approach is more preferred because the wires
are close to the ground return path.

2.1.2 Analysis of Multi-conductor Transmission Lines
Analysis of transmission lines consisting of two parallel conductors has been a
well-understood topic. This understanding can be further extended to matrix notations to
cover multi-conductor transmission lines (MTL), involving more than 2 conductors [21].
For a two-conductor line, we have forward- and reverse- traveling waves. For an MTL
with (n+1) conductors placed parallel to the x-axis, there are n forward- and n reversetraveling waves with respective velocities. These waves can be described by a coupled set
of 2n, first-order, matrix partial differential equations which relate the line voltage Vi(x,t),
i=1, 2,…n, and line current Ii(z,t), i=1, 2,…n. Each pair of forward- and reverse-traveling
waves is referred to as a mode. For example, in the case involving 3 conductors and a
ground return, we can define 3 modes as given in Figure 2-4 [22]. Using these
independent modes, we can decompose currents I1 through I3 as a linear combination of 3
modal currents. Common mode (also called ground mode) is characterized by the highest
attenuation among the modes, and is propagation through 3 phases and a return via the
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earth. Involving signal propagation and return only through wires, differential mode (also
called aerial mode) 1 and 2 show somewhat lower attenuation than common mode. While
the common mode current Ic is the same in magnitude and in direction for 3 lines, the
differential mode currents ID1 and ID2 are the same in magnitude but differ in direction for
3 lines. Common mode currents are much smaller in magnitude than differential mode
currents, but are significant since while the radiated E-field from the differential mode
currents subtract, those from common mode currents tend to add [21]. This is an
important issue in terms of Electromagnetic Compatibility (EMC) of BPL systems and
potential interference into existing local communications systems in the shared bands.

Figure 2-4: Modes of three-phase power lines
In BPL, depending on the way signal is coupled to the lines, as illustrated in
Figure 2-5, either wire-to-wire (WTW) or wire-to-ground (WTG) injection is feasible.
For WTW injections, differential modes are mostly excited. For a WTG injection, in a
case of coupling to the middle phase, the common mode and the differential mode 2 are
excited. Generally, these modes are not orthogonal unless the wavelength of
electromagnetic wave inside the conductors is a small fraction of the height of wires and
the spacing between the wires is a small fraction of wavelength [23]. This condition is
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satisfied for practical MV power-line systems up to 100 MHz. Beyond this frequency, the
discrete modes lose their orthogonality and continuous modes start to appear.

Figure 2-5: Coupling methods of BPL: a) wire-to ground and b) wire-to-wire
The prevalent mode of propagation in an MTL is the transverse electromagnetic
(TEM) wave. An MTL is capable of guiding waves whose frequency values vary from
DC to a point where the line’s cross-sectional dimensions such as line separations
become a significant fraction of wavelength. At higher frequencies, higher-order modes
coexist with the TEM mode, so other guiding structures such as waveguides and antennas
are more practical. Additionally, imperfections in the line conductors, i.e. presence of
nearby conductors, and asymmetries in the physical terminal excitation such as offset
source positions may also create non-TEM currents [20].
In a multi-conductor geometry, which is depicted in Figure 2-6, n wires are
placed parallel to the x-axis. Parameters hi and ai refer to the height above the earth and
the radius of ith wire, respectively. Permittivity, permeability, and conductivity of ground
are respectively represented by εg, μ0 and σg. These parameters for wire are expressed by

εw, μ0 and σw. ε0 and μ0 are permittivity and permeability of free space. Parameter

Δ ij

is
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defined as the distance between the ith wire and the jth wire along the z-axis. Distance
parameter

d ij is

defined as the shortest distance between the ith and the jth wires and can be

described by:
d ij = ( hi − h j ) 2 + Δ2ij

2.32

Figure 2-6: A multi-conductor configuration
Basically, this problem is analyzed by solving the so-called curl-Maxwell
equations and satisfying the boundary conditions on each and every wire [24][25]. By
doing so, the result for finding the transmission constant is the answer to the matrix
equations with Bessel and Sommerfeld integrals. The procedure is very similar to what
we followed for a single wire, but using matrices instead of vectors. D’amore et al. have
discussed this subject with details in [26].
Taking a number of steps can solve the equations for n line voltages and n line
currents, describing MTL. First, per-unit-length parameters such as inductance,
capacitance, conductance and resistance are determined for the considered line. Secondly,
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the MTL equations are solved in the form of a sum of n forward- and n reverse- traveling
wave equations, with 2n unknown coefficients. Thirdly, termination conditions such as
independent voltage/current sources, load and source impedance values are incorporated
in the MTL equations in order to determine the 2n unknown coefficients [21].
As stated earlier, the first step in solving the MTL equations is to obtain per-unit-

length parameters for the conductors. For this, Carson [14] suggested incorporating
ground impedance. However, this model, without considering the ground admittance, is
only suitable for low frequency values and/or under good conductive ground plane
conditions.
Next, as an effort to find a new ground return path model for higher frequencies
and/or under poor ground conductivity conditions, a new procedure was suggested. This
methodology by D’Amore et al [27] incorporates per-unit-length series-impedance and
shunt-admittance matrices, using the curl-Maxwell field equations. The details of this
formulation are mentioned in the coming subsections.

2.1.2.1 Multi-conductor Configuration and Modal Analysis Using D’Amore and
Sarto’s Formulation
The well-known second-order differential equations describing the propagation on
a conductor can be extended to matrix form as in 2.33, where V and I are n-by-1
column vectors of voltage and current in each wire, P is an n-by-n propagation matrix,
and t represents the matrix transpose.

d 2V
= PV ,
dx 2

d 2I
= P tI
2
dx

2.33
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Denoting the n-by-n per-unit-length series impedance matrix by Z ′ and the n-by-

n per-unit-length shunt-admittance matrix by Y ′ , the propagation matrix P is expressed
as:

P = Z ′Y ′

2.34

Often, similarity transformation is adopted in the analysis of multi-conductors,
where a change of variables is defined as in 2.35, such that actual phase voltages V and
current I can be related with mode voltages V m and mode currents I m [23].
V = MVm and I = NI

m

2.35

Now, 2.35 substituted into 2.36 will result in 2.37.
d
d
V = −Z′I ,
I = −Y′V
dx
dx
− M−1Z′N⎤⎡Vm ⎤
d ⎡Vm ⎤ ⎡ 0
=
⎢ ⎥ ⎢
⎥⎢ ⎥
dx ⎣ Im ⎦ ⎣− N−1Y′M
0 ⎦⎣ Im ⎦

2.36
2.37

Suppose we can somehow use M and N to diagonalize Z ′and Y ′ as in 2.38
M −1Z′N = z′ = diag{z1′ K zn′ },

N −1Y′M = y′ = diag{ y1′ K y4′ }

2.38

Thus, we can obtain n uncoupled pairs of first-order differential equations for
MTL as given by 2.39. The solutions to 2.39 are well known. Therefore, we can use this
“decoupling technique” to solve MTL equations.
d m
d
V1 = − z1′ I 1m , I 1m = − y1′V1m ,
dx
dx

M

d m
d
Vn = − z′n I nm , I nm = − yn′Vnm
dx
dx

2.39
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Also, combining the two equations in 2.38, we obtain 2.40, 2.41, and 2.42. With

M i and N i being the ith column of M and N , λi represents the eigen-value associated
with the eigenvector M i and N i . The set {λ1

λ 2 K λn } is the set of all eigen-values

of matrix P.

M −1 Z ′NN −1 Y ′M = M −1 Z ′Y ′M = M −1 PM = z ′y ′

2.40

N − 1 Y ′MM

2.41

γ

2

−1

Z ′N = N − 1 Y ′Z ′N = N − 1 P t N = y ′z ′

= y ′z ′ = z ′y ′ = diag {λ 1

λ2

K

λn}

2.42

Now, the propagation constant of the ith mode can be represented by 2.43, with

α i and β i being the attenuation and phase constant of the ith mode, respectively.

γ

i

=

λ i = α i + j β i , i = 1 ... n

2.43

Then, the general equation for modal currents is expressed by 2.44, where the
vectors of undetermined constants still need to be determined. Modal voltages can be
determined, likewise. Actual voltages and currents of phases are verified by 2.35.
⎡ I1m ⎤ ⎡e −γ 1 x
⎢ ⎥ ⎢
⎢ M ⎥=⎢ M
⎢ I nm ⎥ ⎢ 0
⎣ ⎦ ⎣

0 ⎤ ⎡ I1m + ⎤ ⎡eγ 1 x
⎥⎢
⎥ ⎢
O
M ⎥⎢ M ⎥ − ⎢ M
K e −γ n x ⎥⎦ ⎢⎣ I nm + ⎥⎦ ⎢⎣ 0
L

0 ⎤ ⎡ I1m − ⎤
⎥⎢
⎥
O
M ⎥⎢ M ⎥
K eγ n x ⎥⎦ ⎢⎣ I nm − ⎥⎦
L

2.44

Characteristics impedance and admittance matrices are also defined by equation
2.45.

Zc = Yc−1 = Y′Nγ −1N −1 = Z′Nγ −1N −1

2.45
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2.1.2.2 Propagation Matrix Derivation
With the derivations in section 2.1.2.1, now we need to further characterize P .
This can be done by enforcing the continuity condition of the x-component of the E-field
at each air-wire interface [27]. Following the reference, P can be expressed by internal,
external, and ground impedance and admittance, as is given by 2.46. Each of the
impedance and admittance terms are represented by 2.47, 2.49, 2.51, 2.52, and 2.53
where definitions in 2.48, 2.50, 2.54, 2.55, 2.56 and 2.57 are used.

(

)(

ˆ ′ −1
P = Z′i + Z ′e + Zˆ ′g Ye′ −1 + Y
g

Z ′i = diag { Z i′1 ... Z ij′ ... Z in′ }, Z ij′ =

)

−1

2.46

μ w f I 0 ( jk w a i )

a i k w I1 ( jk w a i )
Io: first kind Bessel function of zero order

2.47

I1: first kind Bessel function of first order
1/ 2

⎛ε
σ ⎞
k w = k 0 ⎜⎜ w − j w ⎟⎟
ωε 0 ⎠
⎝ ε0

Z ′e =
Aii = ln

k0 = ω μ 0ε 0

jωμ 0
A
2π

[

2.48
2.49

]

D
1/ 2
2hi
, Aij = ln ij , Dij = (hi + hj )2+ Δ2ij
ai
dij

2.50

Ye′ = jωε 0 2πA −1

2.51

j ωμ 0
Zˆ ′g =
F1 g

2.52

π
ˆ ′ = j ωε π F − 1
Y
0
2g
g

2.53
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F1 g ij =

h + h j + j Δ ij + ξ 1
1
ln i
h i + h j + j Δ ij
2

h i + h j + j Δ ij + ξ 3

F 2 g ij = ξ 2 ln

ξ1 =

2

2.55

h i + h j + j Δ ij

k 02

, ξ2 =

k 02 − k g2

2.54

k 02 + k g2

, ξ3 =

k 02 + k g2
k 02 k 02 − k g2

εg
σ g
− j
ε0
ωε 0

kg = k0

2.56
2.57

2.1.2.3 Per-unit-length Series Impedance and shunt-Admittance Matrices
Derivations
Derivations in sub-section 2.1.2.2 can be used to obtain propagation matrix.
However, to derive Z′ and Y′ themselves, more rigorous formulas should be applied for
several reasons outlined in [27]. For this reason, we need to evaluate Z′g by substituting
Pt expressed by 2.46 and F3 g represented by 2.59 into 2.58. Equation 2.58 can be further

substituted into 2.46 to obtain Z′ . Also, Yg′ can be calculated by 2.60, yielding 2.61.
Z ′g =
F 3 g ij

j ωμ 0

F1 g −

1

F3 g P t
j ωε 0π
h i + j Δ ij + ξ 3
= ξ 2 ln
h i + j Δ ij

π

Yg′ = jωε0π (F2 g − F3 g ) −1
Y ′ = j ωε 0π (

1
A + F 2 g − F3 g ) −1
2

2.58
2.59
2.60
2.61

For numerical computation purposes, we used a four-wire configuration with 10
meters above the earth and 70 centimeters spacing between wires; each wire is assumed
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to have a 2cm diameter. The ground plane is characterized by relative permittivity of

ε g =13 and conductivity of σ g =5 mS/m.
The frequency spectra of four propagation constants are computed by using the
method described earlier and the attenuation constants are represented in Figure 2-7.

(a)

(b)

Figure 2-7: Frequency spectra of (a) Attenuation constants, and (b) Phase constants
of MTL system shown in Figure- 2.7.
Phase constants overlap on all the entire frequency range. On the contrary,
attenuation constants show different behavior and values. Common mode shows higher
attenuation over the frequency range and the attenuation factors for the three aerial modes
are close to one another. Common mode attenuation factor increases up to some
frequency and decays beyond. This incident is due to resonance phenomenon in ground
medium, which is initially capacitive and by increasing frequency it exhibits an inductive
behavior. This phenomenon can be seen from Figure 2-8, which illustrates real and
imaginary parts of characteristic impedance of a line with common mode injection. The
real part of characteristic impedance is always characterized by positive values, because
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the line is a passive system, but imaginary part of characteristic impedance is negative up
to one frequency and it becomes positive beyond that frequency. This transition in the
imaginary part of the characteristic impedance is justified by the following argument: at
low frequencies, the displacement currents are insignificant and ground plane acts as a
good conductor. Therefore, the proper terms of the input impedance matrix of the line are
capacitive and the imaginary part of characteristic impedance shows negative values. On
the contrary, at higher frequencies the earth can be considered as a good dielectric and the
proper terms of the input equivalent impedance matrix become inductive, which makes
the imaginary part of characteristic impedance positive. The null value is reached at the
resonance frequency, corresponding to the minimum of the real part.
The change of behavior in attenuation constant can also be explained by means of
skin depth. The skin depth of wire is expressed by 2.62 in [28]. The skin depth, δ, is
related to the inverse of frequency, ω. Therefore, as frequency increases, the current is
forced to the surface of wire, causing resistance of wire to increase and generate more
loss. The aerial mode is just involved with wires and loss in this mode originates from the
loss in wires, so the skin depth follows 2.62. This is the reason of increasing attenuation
factors in Figure 2-7 for Aerial modes.

δc =

2

ωμ 0σ c

2.62
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(a)

(b)
Figure 2-8: Frequency spectra of the (a) real and (b) imaginary parts of
characteristic impedance of a multi-conductor line with common mode injection.
On the other hand, common mode propagation is involved with the ground, and
skin depth of a dielectric like ground is given in [28] as:

1

δg =
ω

μ 0ε g
2

( 1+ (

σg 2
) − 1)
ωε g

2.63
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At higher frequencies the skin depth is given by:

δg ≈

σg
2

μ0
εg

2.64

It is noticed from equation 2.64 that at high frequencies, the skin depth is
independent of frequency. Thus, the transmission loss due to skin depth effect will not
increase beyond approximately ft=σg/2πεg. There is however one additional effect which
is responsible for the decrease of attenuation constant beyond ft. The axial electric field of
a line current is a Hankel function of second order, H02(εr) where ε increases with
frequency and r is the distance from wire and constant. At low frequencies, εr is small
and the decay of Hankel function is slow, however, at high frequencies the argument of
Hankel function becomes larger and makes it decay, more rapidly. The result is that
electric field is more confined around the wire at high frequencies and weaker field
strength reaches the earth, causing the earth’s loss to decrease. Therefore, the total loss
curve increases monotonically pausing near the peak of the earth loss curve. It then
decays at higher frequencies, as shown in Figure 2-7 for the common mode attenuation
factor.

2.2 Powerline network channel modeling

2.2.1 MTL circuit model
With MTL theory from [21], it is possible to express the voltage and current at
any node of given network. The matrix equation relating the input and output quantities
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of the lj-long jth line section between nodes j and k in an n-wire MTL network, is
expressed in the following form:

⎡V k (ω )⎤ ⎡Φ 11 (ω , l j ) Φ 12 (ω , l j ) ⎤ ⎡V j (ω )⎤
⎥⎢
⎥
⎢
⎥=⎢
⎣ I k (ω ) ⎦ ⎣Φ 21 (ω , l j ) Φ 22 (ω , l j )⎦ ⎣ I j (ω ) ⎦

2.65

In which Vk, Vj are the vectors of the wire-to-ground voltages and Ik, Ij are the vectors of
the line currents. In the previous expression Φ11, Φ12, Φ21 and Φ22 are the n×n matrix
coefficients of the transmission matrix of the line section:

φ 11 (ω , l j ) = φ 22t (ω , l j ) = M cosh ( m l j ) M − 1

2.66

φ 12 (ω , l j ) = − M sinh ( m l j ) m − 1 M − 1 Z ′

2.67

φ 21 (ω , l j ) = − Y ′Mm

2.68

-1

sinh ( m l j ) M − 1

in which:

m = diag { m k } ,

mk =

λk

k = 1,... n

2.69

sinh (m l j ) = diag { sinh ( m i l j )}

i = 1,... n

2.70

cosh (m l j ) = diag { cosh ( m i l j )}

i = 1,... n

2.71

With help of transmission matrix coefficients, the jth line section is then
represented by means of a PI-type equivalent circuit, in which the series admittance
matrices Y1 and the two shunt admittance matrices Y2a=Y2b are, respectively:

Y1 = −φ12−1

,

Y2a = Y2b = φ12−1 ( U − φ11 )

2.72

with U being the n×n unit diagonal matrix.
With this approach, each line between two nodes is presented by a two-port PItype circuit model with their respective transfer matrices. By doing so, the whole network
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is considered as a composition of several of such models and the analysis is
straightforward thereafter. For the source and load in the network more attention needs to
be paid because of the source’s admittance nature (capacitive or inductive) and load’s
impedance. Further discussion of this matter is completely presented in [21].
This approach of modeling needs an in-depth knowledge of network circuits’
theory and power engineering principals.

2.2.2 Multipath model
This method of modeling is similar to the wireless channels modeling and mostly
used by researchers in communications field whereas the complicated MTL method is
more favorable for researchers in circuit theory.
Earlier, the voltage propagation along the wire follows 2.1. Therefore, by having
the propagation constant, one may easily find the frequency response of power line wire
at a desired point on the conductor. As discussed earlier, each mode of coupling has a
different propagation constant. Hence, there is a different frequency response for each
mode.
Part of a propagating signal reflects back to transmitter at the branch junctions
due to the impedance mismatch and the remainder travels through [25]. Reflection
coefficient is defined for each node as the ratio of reflected signal power to the total
received signal power at the node. In the same way, the transmission coefficient is
defined as the ratio of transferred signal power to the total received signal power at the
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node. Obviously, the reflection and transmission coefficients are equal or less than unity
and the sum of all the transmission and reflection coefficients at each node is unity.
Reflections cause signal propagation not to take place along a single straight path
from a transmitter to a receiver in the power-line network. Additional paths may also
exist due to reflections at the network junctions. This creates a multipath scheme with
frequency selectivity, similar to a radio channel. When signal passes through a junction,
it will be multiplied by transmission coefficient of the junction and when it reflects back
from a junction, it will be weighted by reflection coefficient of that junction. Therefore,
each arrived path at a receiver is weighted by a factor, g, which is the product of
reflection and transmission coefficients of nodes along the path. As reflection and
transmission coefficients are equal or less than one, the weighting factors are equal or
less than unity, as well.
For better explanation, Multipath signal propagation can be studied by a simple
example, which can be easily analyzed in Figure 2-9 with the help of Table 2-1. The link
has only one branch and consists of the segments (1), (2), and (3) with the lengths l1 ,l2 ,l3
and the characteristic impedances Zl1, Zl2 and Zl3.
In order to simplify the considerations, A and B are assumed to be matched,
which means ZA=Zl1 and ZB=Zl2 . The remaining points for reflections are C and D, with
the reflection factors denoted as r1C, r3C, r3D, and the transmission factors denoted as t1C,
t3C. These values are given by:

r1 C =

(Z

l2

Z

l3

) − Z

l1

(Z

l2

Z

l3

) + Z

l1

2.73
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r3 D =

r3 C =

Z
Z

D
D

− Z l3
+ Z l3

2.74

(Z

l2

Z

)− Z

l3

(Z

l2

Z l1 ) + Z

l3

t1C = 1 −

l1

2.75

r1 C

2.76

t 3 C = 1 − r3 C

2.77

With these assumptions, an infinite number of propagation paths is possible in
principle, due to the multiple reflections (i.e. A → C → B , A → C → D → C → B, A

→ C → D → C → D → C → B, and so on). Each path i has a weighting factor, gi,
representing the product of the reflection and transmission factors along the path. The
more transitions and reflections occur along a path, the smaller the weighting factor will
be, because, as mentioned earlier, transmission and reflection coefficients are less than
one. Furthermore, longer paths exhibit higher attenuation, so that they contribute less to
the overall signal at the receiving point. Due to these facts, it is reasonable to
approximate the basically infinite number of paths by finite number of dominant paths.

Figure 2-9: Multipath signal propagation; cable with one tap.
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Table 2-1: Signal Propagation paths of the examined network in Figure 2-9.
Path
No.

Signal Path

Attenuation factor (gi)

Path Length (di)

1

A→C→B

t1C

l1+l2

2

A→C→D→C→B

t1C.r3D.t3C

l1+2l3+l2

A→C→ (D→C) N-1 →B

t1C.r3D.(r3C.r3D)(N-2).t3C

l1+2(N-1)l3+l2

.
.
.
N

With these weighting coefficients, we may express the network as a summation of
multiple paths with different length and weighting factors. The propagation along a wire
follows 2.1, so one can easily express the multipath network channel model as:

H(f)=

N

∑

i =1

g i e − α ( f ) d i e − jβ ( f ) d i

2.78

where N is the number of significant arrived paths at the receiver, di is the length of ith
path and gi is the weight factor of the ith path. This formulation is basically similar to
what has been mentioned in [29], however, with a different model for propagation
constant.

2.3 Channel capacity concept
Suppose a source sends r messages per second, and the entropy of a message is H bits
per message. The information rate is R = r H bits/second.
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One can intuitively reason that, for a given communication system, as the
information rate increases the number of errors per second will also increase.
Surprisingly, however, this is not the case.

2.3.1 Shannon’s theorem

•

A given communication system has a maximum rate of information C known as
the channel capacity.

•

If the information rate R is less than C, then one can approach arbitrarily small
error probabilities by using intelligent coding techniques.

•

To get lower error probabilities, the encoder has to work on longer blocks of
signal data. This entails longer delays and higher computational requirements.

•

Thus, if R< C then transmission may be accomplished without error in the
presence of noise.

Unfortunately, Shannon’s theorem is not a constructive proof—it merely states that
such a coding method exists. The proof can therefore not be used to develop a coding
method that reaches the channel capacity.
The negation of this theorem is also true: if R > C, then errors cannot be avoided
regardless of the coding technique used.
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2.3.2 Water-filling
According to [30] and by using “water-filling in spectral domain” process, we can
express capacity limit of a channel with additive Gaussian noise as:

⎡
⎢
∞
⎢
1
c = ∫ log 2 ⎢1 +
2
⎢
−∞
⎢
⎢
⎣

⎛
⎜ p − N0( f )
2
⎜
2H(f)
⎝
N0( f )
2H(f)

2

⎞
⎟
⎟
⎠

+

⎤
⎥
⎥
⎥ df
⎥
⎥
⎥
⎦

2.79

where p is the signal power at the specific frequency and is chosen such that

⎛
N0 ( f )
∫−∞⎜⎜ p − 2 H ( f ) 2
⎝
∞

+

⎞
⎟ df = P .. The notation [X]+ means Max {X,0} and P is the average
⎟
⎠

transmitted power. In 2.79, N0 (f) is the noise spectral density in the system.

2.4 Numerical results

2.4.1 MV line networks

For numerical computation purposes, we used the four-wire configuration
employed before in subsection 2.1.2.3. Figure 2-10 (a, b) depicts frequency response of a
matched transmission channel over a 1 km span MTL system with the mentioned
configuration. As the system is matched, signal does not reflect at the receiver-end and
signal path is one straight point-to-point path. In this case, the only loss comes from MTL
path loss.
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(a)

(b)

(c)
Figure 2-10: Frequency response of a matched MTL system for 1 Km span. (a)
amplitude, (b) phase and its associated capacity limits (c).
Figure 2-10(a) represents amplitude of frequency response for two coupling
methods: common mode and differential mode 1. Common mode exhibits more loss than
differential mode, especially at low frequencies. As frequency increases, losses of the two
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configurations become comparable. Also, one may notice that both systems show a very
low loss at high frequencies over a 1 km repeater span. The fact that MV overhead power
lines resemble a low loss transmission system shows promise for data delivery at high
rates. Also, this is a cause for concern, regarding potential interference into existing
services, as elaborated on extensively in NTIA reports [10]. Interference problem must be
remedied, as stated earlier. Figure 2-10(c) illustrates the water filling channel capacity
limits of 2.79 for this system at different transmitted power levels. For evaluating channel
capacity, we chose a uniform -105 dBm/Hz as a representative of average noise spectral
density height. Referring to [8], this value is a conservative average estimate of practical
background noise level for MV power lines in Korea. It is interesting to see both
differential and common modes coupling systems show almost the same capacity
characteristics, especially at high frequencies. This is due the fact that both systems are
approaching the same loss level at higher frequencies. According to Figure 2-10(c), with
an ideal matched MTL system, over 50 MHz of channel band, we can deliver almost 600
Mbps by launching 10dBm transmit power. In reality, this low loss nature of MTL
systems degrades extensively by several impairments.
As mentioned earlier, mismatch at junctions causes the traveling signal to reflect
back creating multipath. This can decrease the average channel capacity value.
As an example, Figure 2-11 (a) and (b) show frequency responses of a 1 km span
MTL system with mismatches at transmitter and receiver, when coupled differentially.
Reflection factor at both ends is 0.3.
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(a)

(b)

(c)

(d)

Figure 2-11: Frequency response of a mismatched MTL system for 1 Km span. (a)
amplitude, (b) phase, (c) Channel impulse response and (d) its associated capacity
limits.
Reflections at junctions create resonance in frequency response. This is similar to
a cavity with partial reflecting ends applied in oscillators. Also, due to the reflection, not
all the transmitted signal energy is received by the receiver, causing an average loss

41
increase by 3 dB, compared to the ideal case. Figure 2-11(c) represents channel impulse
response and as it is seen, there are 2 dominant paths from transmitter to receiver.
Figure 2-11(d) shows channel capacity bounds of such system at different transmit
powers. The average channel capacity for 10 dBm transmit launch power at 50 MHz
channel band, is now less than 500 Mbps.

Figure 2-12: The simulated complex network.
Over an actual power-line network, there always exist several branches and
junctions between a transmitter and a receiver. These branches cause nulls in
transmission channel frequency response due to multipath. To investigate this
phenomenon, we simulated the complex network shown in Figure 2-12. In this network
we have three branches between transmitter and receiver. Each end of these branches is
an open-circuit, so reflection factor at each end is one. Also, we have assumed that
transmitter and receiver impedance is matched to that of the line. Impedance of each
branch is related to length of that branch and according to those impedances each
junction has an associated reflection and transmission coefficient.
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(a)

(b)

(c)

(d)

Figure 2-13: Frequency response of complex network shown in Figure 2-12: (a)
Amplitude, (b) Phase, (c) Channel impulse response and (d) Lines transmission
capacity bounds.
Our simulation program performs and exhaustive search for all possible paths
from the transmitter to the receiver and eliminates those paths that have power less than
1% of straight path power. Figure 2-13 (a) and (b) show amplitude and phase of complex
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network frequency response. Reflections create deep nulls in the frequency response.
Simulation shows there are 11 dominant paths and from Figure 2-13 (c), 11 pulses with
different arrival times are distinguished. Delay spread in this network is almost 3
microseconds. Figure 2-13 (d) is the illustration of the channel capacity limits for this
complex network. The average capacity in this network with a 10 dBm launched transmit
power level at 50 MHz band is about 400 Mbps. Obviously, the junctions and branches
between transmitter and receiver degrade the system performance extensively compared
to the ideal point-to-point case.

2.4.2 LV line networks

As it was discussed before, for MV line configuration D’amore’s formulation is
not applicable within the desired frequency spectrum. In this case, Carson’s method [14]
is more appropriate.
Power cables used for single-phase indoor wiring are comprised of three
conductors which one of them is the ubiquitous earth ground; therefore, there are two
modes of propagation in such systems, common and differential.
Similar to MV lines, the modeling of these lines can be done either by circuit
theory approach or multipath method. The characteristics of LV power-line networks are
very well known and there are a variety of research activities in this area to exploit
different features of LV grid. One of the most recent and comprehensive efforts of this
kind is done by Galli and Banwell [31][32]. This research uses MTL theory along with
the circuit theory method, to characterize the indoor LV power-line networks. In
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mentioned references authors provide the simulation result for a specific channel and
compare their simulated channel model to the channel model given by experiment. These
results are shown in Figure 2-14. Although the similarity of the two results is striking
and, more important, all of the frequency notches are accounted for, there are some
differences in the two transfer functions, which are caused by the difference between the
assumed characteristics of wires in simulation and the real characteristics of wires in the
experiment.

(a)

(b)

Figure 2-14: The transfer function of network shown in Figure 7 of [31]. (a)
Measurement, (b) Circuit theory simulation
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(a)

(b)

(c)
Figure 2-15: (a) Simulated frequency and (b) impulse response of a LV powerline
network depicted in [31] by multipath method and (c) its associated capacity limits
Using methods and algorithms of multipath method along with Crason’s
formulation, we simulated the same network configuration used in [32]. The result of
frequency response and impulse response of such channel is illustrated in Figure 2-15 (a)
and (b). Our result and results in [32] are in agreement, as it is seen from Figure 2-14 and
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Figure 2-15. It is seen from impulse response of Figure 2-15(b) that the maximum delay
spread is less than 1 microsecond and there are 4 significant paths from the transmitter to
the receiver.
The capacity limits of this channel are depicted in Figure 2-15(c). For evaluation
of these limits we assumed an additive uniform background noise, with –120 dBm/Hz as
spectral density level. According to [8], the background noise in LV networks has a
smaller PSD level than in MV and has the average value around –120 dBm/Hz. It is seen
from Figure 2-15(c) that the average capacity in this network with 10 dBm launched
transmit

power

can

reach

600

Mbps

at

60

MHz.

Chapter 3
Noise and interference

Besides the amplitude and phase distortion, noise is the crucial factor influencing
higher data rates achieving over power lines. The design of appropriate coding and
modulation techniques, by means of computer simulation, requires detailed discrete
model of powerline noise. Noise spectral density level is also important parameter for
evaluating network performance and capacity.
Moreover, Electromagnetic Compatibility (EMC) problem is an issue that should
be considered in deployment of BPL systems. The main EMC problem is the emission of
electromagnetic noise, which can interfere with public radio. In this chapter first we
discuss the nature of noise both in MV and LV line networks, then the EMC issues are
analyzed thoroughly.

3.1 Noise in MV lines

Over MV lines, two types of noise are dominant; colored background noise and
narrowband noise [8].

3.1.1 Background noise

Background noise is the environmental noise, which is highly dependant on the
weather, geography, above ground height and etc. Figure 3-1 is from [8], which depicts a
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measured background noise level in a MV powerline test bed, and it is compared with
other noise levels, which are measured from apartments and houses. According to this
comparison, one can conclude that the noise level in medium voltage lines is higher than
that in low voltage, approximately by 20-30dBm/Hz in the frequency from 1MHz to
20MHz.

Figure 3-1: Comparison of noise levels between MV and LV lines
Background noise is always present at the communication channel and has
different level values in different frequency bands.

3.1.1.1 Corona Noise

Corona discharge is a major cause of background noise, especially under humid
and severe weather conditions [33]. When MV powerline is in operation, a strong electric
field exists in the vicinity of wires. This field accelerates free electron charges in the air
surrounding the conductors. These electrons interact with the molecules in the air and
produce free electrons and positive ions. This process causes an avalanche, called corona
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discharge. The discharge induces current pulses in conductors with random variations of
amplitude and separation intervals. Induced currents can be modeled with current sources
in powerline system, as in Figure 3-2. Discharges on the three different phase conductors
occur at different times. Each time when the voltage on a particular phase is high enough,
a corona burst occurs and noise is generated.

Figure 3-2: Corona discharges modeled with shunt current sources
Corona noise is permanent, with amplitude depending on supply voltage,
geometrical configuration and bundle conductor composition of the line and on weather
conditions. In the carrier frequency range, corona noise is quasi constant with a slow
decay. In short frequency ranges, it can be considered as white noise. CIGRE group study
has investigated the nature of corona noise in [34]. In this work, a new formulation is
given for modeling of corona noise. Let Ii be the resultant current reaching the end of the
ith conductor, where it is measured and expressed as a voltage across a reference
resistance R0. As a consequence, the corona noise is defined as a voltage noise in dB
above 1μV and given by 3.1.

CN

μi

= I i + 20 log R 0

3.1

50
in which Ii is expressed in dB above 1μA and R0 in ohm.
Corona current, Ii, is evaluated by distinguishing the contributions deriving from
generation and propagation phenomena:

I i = Γi + Ui
which Γi, in dB above 1

μA
m

3.2

, is the excitation function and Ui, in 1 dB above 1 m , is the

propagation factor.
Excitation function, Γi, having the meaning described in [35], depends on
quantities such as the maximum electric gradient gi on the conductor surface, the radius r
and the number n of conductors in the bundle, as well as the weather condition
represented by factor Kn. Many different expressions derived for this function in
literature. In this thesis we use the expression obtained in [34] and is given by 3.3.

Γ i = Γ oi + Δ b − 12 dB
Γ oi = 78 −

3.3

580
2r
+ 38 log
+ Kn
gi
3 .8

3.4

BW
5 kHz

3.5

Δ b = 10 log

BW is the considered bandwidth for noise modeling.
A random uniform distribution of corona sources injects currents, which travel
from the injection point along the excited ith conductor. The propagation factor of the ith
conductor of length L has the following expression:
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L

∫σ

U i = 20 log

2
i

dx

3.6

ik

C ki

3.7

0

σi =

1
2πε 0

N

∑G
k =1

where N is the number of conductors, ε0 is the air permittivity, Gik and Cki are the generic
coefficients of the current propagation matrix and line capacitance matrix, respectively.
The procedure for calculating Ui has been described in [36] and [37].
Following the procedures described in [34], we obtained the corona noise spectral
density of the MV line network configuration mentioned in chapter 2 in a poor weather
condition of 80% humidity. The result is depicted in Figure 3-3.

Figure 3-3: Corona noise power spectrum in poor weather

3.1.2 Narrowband Noise

Narrowband noise is the interference from other narrowband wireless devices and
services in the frequency range of BPL systems, like HAM or short-wave radios.
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Narrowband noise differs from time to time and place to place because the BPL
frequency range is not occupied in all places by radio devices, uniformly. Also,
narrowband noise is time dependant. In [8], this noise is modeled as:
NBN

( f ) =

∑

AiB ( f − fi )

i

B ( f ) = sin c (

f
)
6

for -0.2 MHz< f <0.2 MHz

3.8
3.9

where fi is the ith band centre frequency and Ai is the ith band noise amplitude. These
parameters needed to be measured for different places in different times.

Figure 3-4: Total noise power spectrum in an arbitrary powerline system, operating
in poor weather
Total noise is the sum of narrowband noise and background noise. For example,
Figure 3-4 shows the total noise spectrum for an arbitrary case, operating in poor weather
condition with limited amount of narrowband interferer in the frequency bandwidth.
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3.2 Noise in LV line

Contrary to MV lines, noise in LV lines is more complicated and unpredictable.
According to [38] the additive noise in LV lines is categorized to five groups:
Narrowband noise, Colored background noise, Synchronous periodic impulsive noise,
Asynchronous periodic impulsive noise and Burst impulsive noise. The first one,
Narrowband noise, is the same as of the MV lines, which was discussed earlier.

3.2.1 Colored background noise

Background noise is caused by superimposing of multiple sources of noise with
relatively low power. Generally, power density of background noise is between -120 dB
2

2

(V /Hz) and -140 dB (V /Hz) with an increasing power density towards lower
frequencies (e.g. below 1 MHz). A typical measurement result of background noise with
low power density along with the established model from [39] is illustrated in Figure 3-5.

Figure 3-5: Background noise in LV lines
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Generally, we can see that power density of background noise decreases by
increasing the frequency. Results of multiple measurements of noise in [40] showed that
this behavior can be approximated by an exponential decaying curve in logarithmic scale.
The same approach is found in [39]. Such a curve is also drawn in grey color into
Figure 3-5.
Power density of background noise can be given by 3.10.
A( f ) = A∞ + A0 e

−

f
f0

3.10

With A∞, power density is given for, while A0 is giving the difference between A(∞) and
A(0). With the third parameter f0 the decay rate of rise can be modeled. For the given
2

2

example, we have A∞ = -136 dB (V /Hz), A0 = -38 dB (V /Hz) and f0 = 0.7 MHz. This
model enables modeling background noise as a white noise process, which gets a spectral
coloring by a filter.

3.2.2 Synchronous periodic impulsive noise

Synchronous impulsive noise occurs in 50 Hz-alternating voltage current
frequencies of 50 Hz or 100 Hz. They are caused by net-synchronous power converters
occurring in dimmers and by all kinds of rectifiers using diodes.
Synchronous impulsive noise can be characterized by an envelope curve, which
can be given by a periodically repeated rectangular signal. This envelope gives
amplitude, cycle duration, and the width of an impulse, as it is shown in Figure 3-6.
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Figure 3-6: Synchronous periodic noise modeling
Spectral characteristics can be assumed as constant for a certain noise source.
With this assumption, the former variation in time gets lost, but for examining the impact
of noise on a communication system this approximation is acceptable. The rectangular
envelope of periodic impulsive noise is depicted in Figure 3-7. This envelope is
characterized by three parameters: amplitude of impulse A, duration of impulse or
impulse width tB, and period tP, which corresponds to the reciprocal value of repetition
frequency. In practical cases usually, we have tp>>tB.

Figure 3-7: Envelope curve of periodic impulsive noise
Imagine a rectangular signal r(t) with the duration tB and amplitude A. Then its
Fourier transform, R(f), is expressed by 3.11 and their relation is shown in Figure 3-8.
R ( f ) = A tB

sin( π ft
π ft B

B

)

3.11
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Figure 3-8: Rectangular envelope curve and its Fourier transform of periodic
impulsive noise
In rectangular envelope signal, r(t) is multiplied by a train of impulses with
duration tP resulting rp(t). From [41]the Fourier transform of this periodic envelope, Rp(f),
is given by 3.12 and its frequency spectrum representation is illustrated in Figure 3-9.

Figure 3-9: Fourier transform of periodically continued envelope curve of periodic
impulsive noise

t sin( π ft B )
Rp( f ) = A B
t P (π ft B )

∞

∑

n = −∞

δ(f −

n
)
tP

3.12

The synchronous periodic noise, nsp(t), results from multiplication of colored
background noise, n(t), by rp(t).
n sp (t ) = n(t ) . r p (t )

F
⎯⎯→

N sp ( f ) = N ( f ) ∗ R p ( f )

3.13
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The spectrum of periodic impulsive noise is no more identical with the spectrum
of the fundamental noise signal n(t), but it is convoluted with the spectrum of the periodic
rectangular sequence. However, as bandwidth of noise signal is very high compared to
1/tB and additionally, the spectrum N(f) is very flat, therefore the falsification of the
periodic impulsive noise is negligible in practice.

3.2.3 Asynchronous periodic impulsive noise

Asynchronous impulsive noises are mainly caused by switching power supplies.
Generally, frequencies are between 50 kHz and 2 MHz. As these noises occur only for a
short time and have relatively low amplitude, it is very difficult to measure and analyze
them. Their impact on the measured noise spectrum and on communication systems can
be best described in increasing power density of background noise. Thus, these kinds of
noises are considered as a part of colored background noise [42].

3.2.4 Burst impulsive noise

This kind of noise occurs time-randomly. In literature, this noise is also known as
“asynchronous impulsive noise”[38]. This type of noise is caused by all kinds of
switching operations, for example by household appliances, electric motors, or condenser
discharge lamps. Asynchronous impulsive noise very often occurs in bursts, which
increases their disturbing impact. With many different sources this noise has very
different properties regarding time response and spectral properties.
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We can state that it is sufficient for noise modeling to reproduce the spectral
behavior. This can be achieved by raising colored background noise during time of
occurrence of the impulsive noise. Thereby, the amplitude of noise determines the extent
of this raising. The model of asynchronous impulsive noise is similar to that of the
periodic noise. Instead of a sequence of rectangles, we now use a complex time sequence
control, which determines occurrences of time and duration of single noises.
Like periodic impulsive noise, impulsive burst noise can also be characterized by
its envelope with three parameters as it is shown in Figure 3-10. These are amplitude Ai,
pulse width tB,i and pulse distance tA,i. Instead of pulse distance, sometimes the time
difference between the beginnings of two consecutive impulses is also used: inter arrival
time, tIAT. The main difference to periodic noise is that the parameters amplitude, pulse
width and distance are different for every single noise. Thus, it is decisive to set up a
model, which comprehends these parameters as realistic as possible.

Figure 3-10: Envelope curve of Asynchronous impulsive noise
For data transmission via power line networks impulsive burst noise is especially
important as its amplitude and power density generally exceeds those of the other noise
by far. This could lead to loss of big data packets.
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Burst impulsive noise can be characterized by amplitude, pulse width, pulse
distance and their spectral properties. In contrast to periodic noise, these properties are
not constant, but different for every single noise. Now, goal of modeling is to describe
regularities in those properties with statistical methods. The difficulty is to cover the
variety of characteristic parameters in a consistent and unitary model. For modeling and
for generation of noise it makes sense to regard the envelope of the noise and its spectral
behavior separately. Extensive analysis of properties of impulsive noise has been done in
[38]. Research for pulse width also can be found in [43].

3.2.4.1 Impulse rate

An important criterion for characterization of intensity of impulsive noise is the
impulse rate. The difficulty at evaluation of measurements is the fact that impulse rate is
mainly determined by periodic impulsive noise. However, they should not be considered
for modeling burst impulsive noise. Additionally, impulse rate essentially depends on
detection sensitivity for impulsive noise. Detection sensitivity specifies the voltage level,
which must be exceeded by the maximum absolute value of an impulse to be recognized
as noise. When level is raised, impulse rate decreased dramatically. Typical values for
average impulse rate are between 0.1 impulse per second for low disturbed and 100
impulses per second for highly disturbed environments with a detection voltage level of
100mV. However, the impulse rate of burst noise is temporarily much higher [38].
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3.2.4.2 Relative disturbing time

Relative disturbing time describes the fraction of time, which is disturbed in
average. Like impulse rate, the determination of this parameter essentially depends on the
detection voltage level. Typical values are specified in [38] depending on the
environment with 0,001% up to 1% using a detection voltage level of 100mV. Thereby,
periodic noise was also covered.

3.2.4.3 Impulse amplitude

The distribution of impulse amplitudes follows an exponential distribution with
good approximation. Discrepancies occur when few sources of noise are dominating
leading to accumulation at certain amplitudes. Impulse amplitudes above 1V are very
rare.

3.2.4.4 Impulse width and spacing

Impulse duration (impulse width) and distance are also exponentially distributed.
Thereby, we can yet see that multiple distributions are overlapping. Typical values for
impulse duration are 100µs, typical values for impulse spacing are between 0.01s and 1s.
Impulse duration, impulse distance, relative disturbing time and impulse rate are not
independent, but are influencing each other, making generation of a reference noise
scenario for channel simulation more difficult.
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3.2.5 LV line noise modeling

Modeling of impulsive noise over broadband LV power-line channels has been a
challenge for researchers since early 1980s. Several different modeling methods are
available. Zimmerman and Dostert in [44] propose one of the first modeling methods for
this kind of noise at high frequencies. In their method, they use partitioned Markov
models to characterize the nature of the impulsive noise. Generally, we can establish two
different methods for modeling LV powerline noise: statistical or time-based model.

3.2.5.1 Statistical noise model

The statistical modeling of impulsive noise has been of interest to researchers for
a long time. Middleton in [45] and [46] categorizes impulsive noise in two classes of A
and B. The noise in BPL is considered as class A Middleton noise by most researchers in
this field. Based on this model, the noise, impulsive plus background noise, is a sequence
of i.i.d random complex variables with the probability distribution function (PDF) of:
∞
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αm
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with

α m = e− A
The variance σm2 is defined as:
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where σg2 and σi2 are the power of background noise and impulsive noise, respectively.
The parameter A is called the impulsive index, which is the product of average rate of
impulsive noise and mean duration of a typical impulse. For small A, we get highly
structured impulsive noise whereas for large values of A, the noise PDF becomes
Gaussian [45]. The parameter Γ is called background-to-impulsive noise ratio. By
combining equations 3.16 and 3.17 , the variance σm2 can be expressed as:
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m
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A
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3.18

Equation 3.14 shows that the PDF of noise is a weighted sum of Gaussian PDFs
with zero mean, therefore the mean and variance of noise can be acquired by the
following equations:
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This model gives a good and precise insight about the PDF and Power Spectral
Density (PSD) of noise. However, it cannot be used for the time representation of
impulsive noise unless an infinite-size interleaver is assumed. This is due to the fact that
Middleton model assumes the impulsive noise as an i.i.d process, whereas in practice
impulsive noise is a random sequence with memory. An infinite-size interleaver can
guarantee the independency of the noise signals in time.

3.2.5.2 Time-based noise model

In this model, same as in [42], we use two simplified Markov models to represent
the burst errors caused by impulsive noise. This model has two layers. The first layer
(higher layer) describes the incidence of the burst groups and the second layer (lower
layer) articulates the single impulse within the burst group. Each layer has its own
probability transition matrix describing the Markov process. Our model is a realistic way
of representing impulsive noise in this environment.
For higher layer, the Markov model has two states of disturbed and undisturbed.
In the disturbed state, a burst group of noises happens, while in undisturbed state there is
no impulsive noise. Within the disturbed state, we define two other Markovian states with
lower time resolution: noise and no noise. Figure 3-11 illustrates these two Markov
models along with their transition probabilities.
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(a)

(b)

Figure 3-11: Markov model for burst noise: (a) Modeling burst groups (b) Modeling
single impulses within a burst group
It's the most important to know the probabilities for the single states and
especially for the sum of two states. This is an important criterion for designing transition
probability matrices for Markov models. The needed probabilities can be determined
using the stationary state probabilities. In an irreducible Markov-Chain, there is a
stationary state probability vector π to which the state probabilities of the Markov Chain
are converging independently from the start state. In a two-state Markov chain, as in our
case, this matrix is given by 3.21

π = [π 1 π 2 ] = [

p 21
p12 + p 21

p12
]
p12 + p 21

3.21

A measurement in [47] shows that the average time of the disturbed state in the
higher level is 5ms and the average time of undisturbed state is 1 second for a specific
LV line network. The expected time of the system in disturbed state is given as:
E { t1 , 2 }= t r 1 .

∞

∑

k =1

k .( 1 − p 1 , 22 ). p 1k, −221 = t r 1 .

1
= 5 ms
1 − p 1 , 22

3.22

which tr1 is the time resolution for the first layer. If one considers tr1 to be 1ms, from
3.22, P1,22 will be equal 0.8, which makes P1,21 equivalent to 0.2. Based on the average
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time of disturbed and undisturbed states, the stationary state distribution of the first layer
model is expressed as [47]: π1=[π1,1

π1,2]=[0.995

0.005]. Thus, the transition

probability matrix for the first level is:
⎡ 0 .999
P1 = ⎢
⎣ 0 .2

0 .001 ⎤
⎥
0 .8 ⎦

3.23

The time resolution for the second layer is selected as tr2=1 microsecond. The
stationary state probabilities in the second layer are independent random variables with
equal probabilities, which makes π2=[π2,1

π2,2]=[0.5

0.5].

We assume the average duration of the disturbed and undisturbed states are 50
microseconds. This will give the transition matrix for the lower layer as:
⎡ 0 . 98
P2 = ⎢
⎣ 0 . 02

0 . 02 ⎤
⎥
0 . 98 ⎦

3.24

Now that we have transition probabilities, it is interesting to investigate the
behavior of burst and impulse rates. By the parameters in P1 the burst rate is equal to 1
burst per second according to 3.25.
n1 =

π 1,1
E { t1 ,1 }

≅

1 − p 1 ,11
t r1

= 1 per second

3.25

The impulse rate during a burst noise is also calculated by equation 3.26 as well
as the parameters in P2.
n2 =

=

π 2 ,1
E {t 2 ,1}

1
tr 2

+

π 2,2
E {t 2 , 2 }

(π 2,1. p2,12 + π 2,2. p2,21) = 20000 per second

The total average impulse rate is:

3.26
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n B = π 1 , 2 . n 2 = 100 per second

3.27

The two discussed noise models are two different representations of the impulsive
noise. The marginal probability statistics of Markov-based model can be evaluated by
Middleton model, if appropriate A and Γ corresponding to the Markov model are chosen.
Middleton model is a good model for the noise statistics whereas the Markov-based
models are good representative of noise in time domain.

3.3 Electromagnetic interference

Characterization of electromagnetic emissions associated with PLC systems is a
complex problem due essentially to:
•

Complicated and huge variety of possible configurations of MV network in power
transmission system;

•

Variation of load for different networks at different time;

•

The definition of an adequate measurement method for emission;

•

The definition of adequate limits in order to achieve a reasonable compromise
between avoiding interference with other equipment and not forbidding the use of
this new technique.
Recently, NTIA, in their extensive reports [10], made recommendations to FCC to

devise regulatory methods for measurements, deployment and simulation of BPL
systems. According to this report, there are some frequency intervals that are dedicated to
emergency services and all BPL systems have to avoid occupying these frequency
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intervals. It is also noted in this report that for evaluating radiation patterns from
powerlines, both far and near field should be considered and neither can exceed FCC
regulatory limits.

3.3.1 Radiation theory basics

The electromagnetic radiation pattern of a single wire over ground is studied
under the context of receiving (wave) antennas by H. Beverage in early 1920 [48].
Afterward, several research attempts are conducted to find a mathematical expression for
radiation pattern of this kind of antennas. Wait in [17] and [49] provides a comprehensive
mathematical insight. In [49], Wait introduces two functions as Hertz Potential Functions
to describe the radiated electric and magnetic fields. As, it is mentioned earlier, lines in
powerline networks are composed of three or more wires. Therefore, by using MTL
theory of [21] and Wait’s method, we can develop mathematical expressions for radiated
fields.
Following equation 2.35, the current of the ith-wire at distance x from the source
can be written as a function of modal currents in the following form:

I i ( x ) = N i1 I 1m ( x ) + ... N in I nm ( x )

3.28

Assuming the matched condition, the kth modal currents is described by:

I mk ( x) = I mk (0) exp(−γ k x)
where I km ( 0 ) is the value at x=0.

3.29
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Following the steps mentioned in [49], the Hertz Potential Functions generated by
the kth mode current from the ith wire are the following:
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( j)
( j)
The definitions of Sik and Λik are given in [49]. In [49] the field components are

given as functions of Hertz Potential Functions. By taking the derivatives and
mathematical procedures the radiated field components of kth modal current over the ith
wire are expressed as:
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All the aforementioned equations are based on the assumption that the
wavelength of electromagnetic wave inside the conductors is a small fraction of the
height of wires and the spacing between the wires is a small fraction of wavelength. With
this assumption, we can consider that the modes are orthogonal and equation 2.35 is
valid. For higher frequencies continuous modes appear and assumption of discrete modes
is not sufficient anymore.
The x-component of the electric field due to ith wire current is obtained as sum of
the n contributions in 3.32 related to n propagation modes. The total x-component of the
electric field radiated by n-conductor system is the following:
E x ( x, y, z ) =

n

n

i =1

k =1

∑∑E

xik

( x, y, z )

3.38

Similar expressions are defined for all the components of the E and H fields.

3.3.2 Simulation results

The mentioned mathematical method is applied to the calculation of the high
frequency electromagnetic field radiated from carrier channels on the MV powerline
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having the geometrical configurations shown in Figure 3-12. The ground return path is
characterized by conductivity σg=5 mS/m and relative permittivity εrg=13.

Figure 3-12: Geometrical configuration of the simulated MV Powerline
The same configuration is also used by GNEC [50] to evaluate the radiated
electromagnetic fields from the system. GNEC uses numerical algorithm to solve the
integrals without any assumptions or constraints. The amplitude of the electric and
magnetic field components are computed at point x=500m along the line from the
exciting point, z=10m and y=2m above the ground at different frequencies.
At first, the conductor2-to-ground coupling is considered. The channel is excited
by a voltage source V(0) having the rms value of 1V in the frequency range of 1 to 100
MHz.
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(a)

(b)

(c)

(d)

(e)

(f)

Figure 3-13: Amplitude frequency spectra of radiated fields from the MV
configuration of Figure 3-12 computed by GNEC and established mathematical
method for wire 2-to-ground coupling: (a) Ey, (b) Hz, (c) Ez, (d) Hy, (e) Ex, (f) Hx
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The obtained results are shown in Figure 3-13. From these figures, it is seen that
the dominant components are Ey and Hz. The peak value of these dominant components
occurs at 3MHz, which corresponds to resonance frequency of ground medium, as it is
discussed in Chapter 2. In this frequency, the behavior of ground medium changes to
inductive, which was initially capacitive at low frequencies. It is also seen that the
numerical results of GNEC and the developed method are in agreement, specially at low
frequencies. As frequency increases, the difference between the results of two methods
becomes considerable. This is to due to the fact that the assumptions of mathematical
method are not applicable at higher frequencies with this configuration; therefore the
numerical method provides more accurate results.
The amplitude spectra of the radiated electromagnetic field components,
generated by the wire1-to-wire 2 coupling with V1(0)=0.5 V and V2= -0.5V, are
represented in Figure 3-14. In this configuration the differential mode is excited and as it
is shown, the amplitude of radiated components are much less than the case of the
common mode coupling. This incident is due to the cancellation of radiated
electromagnetic field caused by two opposite current flows of forward and return paths.
In this figure the GNEC results are depicted, as well. The same argument, mentioned for
last results is applicable here: as frequency increases, the mathematical method’s
assumptions are not valid, thereby the difference between two results is significant at
high frequencies.
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(a)

(b)

(c)

(d)

(e)

(f)

Figure 3-14: Amplitude frequency spectra of radiated fields from the MV
configuration of Figure 3-12 computed by GNEC and established mathematical
method for wire 1-to-wire 2 coupling: (a) Ey, (b) Hz, (c) Ez, (d) Hy, (e) Ex, (f) Hx
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The lateral profiles of the field components for conductor 2-to ground and wire 1to-wire 2 couplings are computed at x=500m and height y= 2m above the ground surface.
Figure 3-15 illustrates these profiles at frequency 10 MHz for the configuration of
Figure 3-12.

(a)

(b)

(c)

(d)

Figure 3-15: Lateral profile of the field components at 10 MHz for the (a) and (b) Wire
2-to-ground (c) and (d) wire 1-to-wire 2 couplings
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3.3.3 Load imbalance effect on radiation pattern

In the subject range of frequencies, 1.7 – 80 MHz, BPL devices and the
powerlines that carry BPL signals have the potential to act as unintentional radiators. The
amount of radiation depends on the symmetry of the network at radio frequencies.
Symmetry is defined in terms of impedance between conductors and ground. If for a twowire line, the impedance between each conductor and ground is equal, the line is
symmetrical or balanced. A lack of symmetry leads to an unwanted, common mode
signal. Common mode currents flow in parallel in both conductors, while return portions
flow through ground. Balanced lines are necessary for differential mode transmission in
which currents are equal in magnitude and flow in opposite directions on the signal
conductors. The fields radiating from these conductors tend to cancel each other in the far
field area. On parallel or nearly parallel, non-concentric conductors, common mode
currents at radio frequencies produce more radiation than differential mode currents.

Figure 3-16: The powerline configuration for radiation pattern simulation
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For simulating the impact of loads on radiation pattern, we used GNEC to
evaluate far field radiation patterns along the wire for the powerline system configuration
shown in Figure 3-16.
In our simulations, we examined both common and differential mode injections.
In common mode, signal can be injected either on middle conductor or on side
conductors. The far field radiation patterns for differential and two common modes at 10
MHz are depicted in Figure 3-17. Horizontal axis unit is μv/m. The far field radiation
pattern has higher values in both common mode injections than in differential mode. In
differential mode injection, reverse and forward paths are two current flows with the
same amplitude in opposite directions, as it is shown in Figure 2-4. These currents are
traveling in two parallel identical conductors with relatively small separation distance.
Due to their opposite direction and small distance, their radiated electric field tend to
cancel out one another at far field. On the other hand, in common mode injection,
forward path is a current flow in one phase conductor and the return path is earth’s
surface, which is a lossy dielectric. The distance between one phase and earth is at least
ten times of the separation of two phases. Also, in common mode injection, forward
current is traveling in a near-perfectly conducting material, whereas return current
transmits through a lossy material. Because of these facts, it is expected that the
cancellation of electric fields, emitted from forward and return paths, at far field, in
common mode injection, is much less than those in differential mode injection. We
should keep in mind that this cancellation degrades in differential mode if the load
impedances between each wire and earth are not equal. As it is seen from Figure 3-17 (a)
and (b), the radiation pattern from central common mode injection is symmetric but it is
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not true for radiation pattern of the side injection. It is due to the fact that the environment
around the injected wire in central injection is symmetrical, which is not the case for side
injection.

(a)

(b)

(c)
Figure 3-17: Far field radiation from powerline configuration in Figure 5.1 for (a)
central common mode, (b) side common mode and (c) differential mode injections.
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(a)

(b)

(c)
Figure 3-18: Radiation pattern from an unbalanced powerline with (a) 10 mH in
series difference, (b) 1 mF in parallel difference and (c) 1 μF in parallel difference.
Figure 3-18 represents far field radiation patterns from powerline configuration
shown in Figure 3-16 for differential modes and three different load mismatches. From
these figures and Figure 3-17(c), one can conclude that load mismatch between two lines
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degraded the far field cancellation in differential mode injection. Therefore, the radiation
pattern from the differentially injected powerline with load mismatch has higher
amplitude than the radiation pattern of differentially injected powerline with balanced
loads. The more the mismatch increases, the more radiation is generated by powerline
system.

Chapter 4
Modulation Techniques for BPL systems

The choice of the modulation technique for a given communications system
strongly depends on the nature and the characteristics of the medium in which it has to
operate. The powerline channel presents hostile properties for communications signal
transmission, such as noise, multipath and strong channel selectivity.
The selection of a modulation scheme for BPL must account for three major
factors:
1-

The presence of noise and impulse disturbances causing a relatively
low Signal-to-Noise Ratio (SNR)

2-

The time-varying frequency selective nature of the channel

3-

Regulatory constraints with regard to EMC limit the transmitted
power.

A choice should be made of either a robust solution, i.e. one providing sufficient
quality for a wide range of variations of the model parameters, or an adaptive one. The
problem is more complicated for the home networking by the need to make powerlinebased home networking cost-competitive with other wired or wireless solutions.
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4.1 Single-carrier modulation

Single-carrier modulation can be an attractive proposition from the complexity
point of view. However, since the powerline channel is highly nonlinear, strong Inter
Symbol Interference (ISI) is inevitable. Thereby, powerful detection and equalization
techniques needed to be deployed for this technique to perform effectively. The deep
frequency notches in the powerline channel transfer function prevent the use of linear
equalizers, since the noise enhancement that these notches cause can be a serious
drawback on a highly noisy channel like powerline channel. Instead, for these channel
nonlinear Maximum A Posteriori (MAP) or sequence Viterbi detectors can be used.
However, the computational complexity of these detectors increases exponentially with
the length of the impulse response, which is considerable in the powerline channel.
Decision Feedback Equalization (DFE) might also be attractive. The problem of
complexity still exists with DFE in this highly nonlinear channel. Moreover, burst noise
can cause catastrophic error propagation in DFE, which makes the equalizer’s
performance degrade significantly. To counteract this, DFE scheme might be driven by
soft decision feedback algorithm, which adds to the equalizer complexity.
For comparison purposes, we simulated a single carrier communication system
for the channel of Figure 2-13 with the bit rate of 90 Mbits/sec. For this system, we used
a hard decision DFE equalizer with 50 taps to mitigate the ISI. The performance of such a
system is illustrated in Figure 4-1. By increasing the SNR, after some point, the single
carrier system no longer improves the overall performance. It is due to deep notches in
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the channel transfer function causing the linear equalizer to enhance the noise more than
eliminating ISI [51].

Figure 4-1: System performance of a single-carrier system with 50-tap DFE
Based on this discussion and result, we can conclude that conventional singlecarrier modulation is not a good candidate for BPL communications systems.

4.2 Spread spectrum

Spread spectrum is a type of modulation that spreads data to be transmitted across
the entire available frequency band, in excess of the minimum bandwidth required to
send the information. The first spread-spectrum systems were designed for wireless
digital communications, specifically in order to overcome the jamming situation, that is,
when an intruder intends to disrupt the communication. To disrupt the communication,
the intruder needs to detect that a transmission is taking place and then transmit a
jamming signal that is designed to confuse the receiver. Therefore, to mitigate the
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jamming communications system must be able to make these tasks as difficult as
possible. Firstly, the transmitted signal should be difficult to detect by the intruder, and
for this reason the transmitted spread-spectrum signal is mostly called noise-like signal.
Secondly, the signal should be difficult to disturb with a jamming signal.
Spread spectrum originates from military needs and finds most applications in
hostile communications environments; such is the case in the BPL environments. Its
typical applications are the wireless cellular phones, wireless LANs, and Bluetooth. In
some cases, there is no central control over the radio resources, and the systems have to
operate even in the presence of strong interferences from other communication systems
and other electrical and electronic devices. In this case, the jamming is not intentional,
but the electromagnetic interferences from the communications system may be strong
enough to disturb the communication of the other systems operating in the same
spectrum.
The principle of the spread spectrum is illustrated in Figure 4-2, where the
original information signal, having a bandwidth B and duration Ts, is converted through a
pseudo-noise signal into a signal with a spectrum occupation W, with W>> B. The
multiplicative bandwidth expansion can be measured by a spread-spectrum parameter
called Spreading Factor (SF). For military applications, the SF is between 100 to 1000,
and in the UMTS/W-CDMA system the SF lies between 4 and 256. This parameter is
also known as “spreading gain” or “processing gain” and is defined by:

G =

W
= W .T S
B

4.1
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Figure 4-2: Principle of bandwidth spreading
This spectral spreading benefits the communications system in the following
aspects:
1-

Low spectral power density of the transmitted signal. This feature is
advantageous with respect to applications, where narrowband systems
working in the same frequency band as the spread spectrum system
shall not be severely disturbed by the latter, or where it is important to
hide the own signals in the environmental noise in order to achieve a
low probability of interception (LPI). This feature is particularly
attractive for BPL deployment because several regulatory issues limit
the transmitted signal.

2-

Reduction of band limited interference. Information theory tells us that
the impact of interference is not so much determined by the total power
of the interfering signal, but rather by the spectral power density
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generated by the interferer in the frequency band occupied by the
disturbed signal. For a given limited power of the interferer, the
processing of the spectrally spread desired signals at the receiver has
the effect, with respect to the interferer, of a simultaneous spectral
spreading of the interferer power, which beneficially reduces the
effective spectral power density of the interferer.
3-

As additional advantages of spectral spreading, one should mention the
inherent frequency diversity, which helps to combat the detrimental
effects of frequency selective channels in information transmission
systems, and an improved temporal resolution in the case of channel
identification or time estimation systems.

Unfortunately, the mechanism of interference reduction does not work if the
bandwidth of the band limited interferer is much larger than the bandwidth of the
spectrally spread desired signal, or if the interferer would have a spectral power density
non-vanishing over all frequencies. This case is very common in BPL with impulsive
noise due to the limited available bandwidth for transmission and broad frequency spectra
of impulsive noise. In this case, a burst of noise happens and spread spectrum system
fails to operate while the impulsive noise exists.
To take full advantage of the interference suppression of spread spectrum
techniques, a sizable bandwidth expansion is needed, which may severely limit the
maximum data rate for a given transmission bandwidth. Moreover, channel equalization
is necessary in this system, which from the last subsection we know it is hard to
implement.
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There are different methods of spreading techniques used in literature. Here we
introduce two common techniques: Direct Sequence Spread Spectrum (DSSS) and
Frequency Hopping (FH).

4.2.1 Direct Sequence Spread Spectrum

Direct Sequence Spread Spectrum (DSSS) is the most commonly applied form of
the spread spectrum in communications systems. To spread the spectrum of the
transmitted signal, DSSS modulates the data signal by a high rate pseudorandom
sequence of phase-modulated pulses before mixing the signal up to the carrier frequency
of the communication link.
In the DSSS transmitter demonstrated in Figure 4-3, the information bit stream
a[n], which has symbol rate of 1/Tb and an amplitude between +1 and -1, is converted
into a continuous signal a(t) through a simple Pulse Modulation Amplitude (PAM). To
spread the spectrum of the information signal a(t), it is then multiplied by an unique high
rate digital spreading code c(t) that has many zero crossings per symbol interval with
period Tc. For the generation of the spreading signal c(t), first a code sequence c[m] is
generated by a Pseudo-Noise Sequence (PNS) generator with a frequency 1/Tc and then
modulated through PAM.
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a[n]

PAM

c[m]

PAM

a(t)

s(t)

c(t)

2Eb
Cos ( 2 π f c t )
Tb

Figure 4-3: A DSSS transmittser
Different single-carrier modulations can be used to push the spread signal to the
high frequency, such as BPSK, QPSK, or the M-PSK. By considering the DSSS
transmitter based on BPSK modulation in Figure 4-3, the signal carrier has a peak
amplitude of

2Eb
, where Eb is the energy per information bit. Then the transmitted
Tb

signal s(t) can be written as [52]:

s(t ) =

2Eb
cos( 2 π f c t ) a ( t ) c ( t )
Tb

4.2

∞

a (t ) =

∑ a[ n ] ∏

n = −∞

Tb

( t − nT b )

4.3

Tc

( t − mT c )

4.4

∞

c(t ) =

∑ c[ m ] ∏

m = −∞

where ∏T denotes a unit amplitude rectangular pulse with duration T.
By taking Tc=Tb/N, after modulation, the transmitted signal has a bandwidth of
2N/ Tb. This means that the bandwidth of the transmitted signal is N times wider than the
bandwidth of the original information signal. Then, the spreading factor is equal to N.
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At the receiver side, demodulation and a de-spreading operation are utilized to
recover the original signal. In the case of ideal channel, the receiver is just a downmixing stage followed by a filter which is matched to consecutive Tb-segments of c(t), a
so-called code matched filter. The multiplication by the demodulating signal with
frequency fc turns the signal back to its baseband form. Then a code sequence c(t)
identical to the one generated in transmitter have to be generated at the receiver and
multiplied with the baseband signal. If a good synchronization between the two codes
sequences is provided, their correlation will be equal to one. In this case, after submitting
the baseband signal to the correlator, we get, at its output, a signal ă(t), which normally is
similar to a(t). The obtained signal is then sampled at a rate 1 / Tb and a decision or
estimation about the original amplitude of sample, either +1 or -1, is made in order to
build the original bit stream a[n]. This scheme of the receiver where a matched filter is
implemented with a correlator is illustrated in Figure 4-4.
Code-matched filter
r(t)

∫ (.) dt

2 Cos( 2πf c t )

ă(t)

sgn{.}

ă[n]

t=nTb

c(t)

Figure 4-4: A DSSS receiver with a matched filter
For a non-ideal channel, an estimation of channel is needed to resolve the
different arrived paths of the multipath link. This kind of receiver is called Rake receiver.
Rake receivers can resolve a limited number of paths. The complexity of Rake receivers
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increases with the number of paths that they can resolve. Therefore, we can expect for the
hostile channel of BPL system a very complicated Rake receiver is needed to achieve
acceptable performance. In [53] DSSS was tested for transmission in the band 4-20 MHz.
In that study it is mentioned that a Rake receiver was experienced to fail if proper
equalization was not provided.
Figure 4-5 shows the performance of a DSSS system under the channel condition
of Figure 2-13 without impulsive noise. In this system the spreading factor is 8 and 8PSK modulation is used to achieve the aggregate bit-rate of 48 Mb/s in the bandwidth of
1-100 MHz. A very complicated Rake receiver is used with 100 taps to resolve 9 paths.
The synchronization is assumed to be perfect.

Figure 4-5: System performance of a perfectly synchronized DSSS system with a
complicated Rake receiver
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4.2.2 Frequency Hopping

In a Frequency Hopping Spread-Spectrum system (FHSS) the signal frequency is
constant for specified time duration, referred to as a time chip Th. The transmission
frequencies are then changed periodically. Usually, the available band is divided into
non-overlapping frequency “bins”. The data signal occupies one and only one bin for a
duration Th and hops to another bin afterward. It is frequently convenient to categorize
FH system as either “fast-hop” or “slow-hop”, since there is a considerable difference in
the performance for these two types of systems.
A fast-hop system is a system in which the hopping frequency 1/Th, is greater than
the message bit rate l/Tb. In a slow-hop system, the hop rate is less than the message bit
rate.
The block diagram of a FHSS transmitter and its corresponding receiver are
presented in Figure 4-6 and Figure 4-7, respectively. In the FHSS system, FSK
modulation schemes, which allow non-coherent detection, are usually employed, because
it is practically difficult to build coherent frequency synthesizers [52]. According to the
generated pseudorandom sequence code, the frequency synthesizer generates a signal
with a frequency among a predefined set of possible frequencies, which has to carry the
baseband signal over the transmission channel.
For M-ary FSK, the data signal can be expressed as
∞

a (t ) =

2P

∑∏

n = −∞

Tb

( t − nT b ) cos( 2 π f n t + φ n )

where fn Є {fs0, fs1,… fsM-1} and P is the avenge transmitted power.

4.5
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Figure 4-6: Transmitter for FHSS
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Figure 4-7: Receiver for FHSS
The frequency synthesizer outputs a hopping signal is given by:
∞

h(t ) = 2

∑∏

m = −∞

Th

( t − mT h ) cos( 2 π f m′ t + φ m )

4.6

where f'm Є {f'h0, f'h1,… f'hL-1}. In this case, there are L frequency bins in that FHSS
system.
Let Tb = N × Th be the constraint for fast hopping, which becomes Th = N × Tb in
case of slow hopping. The transmitted signal in a fast hopping FHSS is given by:

92
∞

s (t ) = 2 P

∑∏

m = −∞

Th

(t − mTh − Δ ) cos[( 2πf m

′

′

⎣ N ⎦ + 2πf m )(t − Δ ) + φ ⎣m N ⎦ + φ m ]

4.7

And in the case of slow hopping, the transmitted signal is:
∞

s (t ) = 2 P

∑∏

Tb

(t − nTb − Δ ) cos[( 2πf ′n

n = −∞

′

⎣ N ⎦ + 2πf n )(t − Δ ) + φ ⎣n N ⎦ + φ m ]

4.8

where ⎣x⎦ is the largest integer which is smaller than or equal to x and Δ is a uniform
random variable on [0, Tb). The requirement of orthogonality for the FSK signals forces
the separation between the adjacent FSK symbol frequencies to be at least 1/Th for fast
hopping, and 1/Tb for slow hopping. Therefore, the minimum separation between
adjacent hopping frequencies is M/Th for fast hopping, and M/Tb for slow hopping.
At the FHSS receiver side, the main task is to regenerate a pseudorandom
sequence that must be similar to the one generated at the transmitter, and according to
which the modulation of the signal in the high frequency was achieved. This should allow
a correct demodulation of the transmitted signal. However, it is important to note that
another demodulation has to follow, in our example, according to the M-ary FSK. Then
the recovered signal has one of the M possible frequencies and this should allow a correct
estimation of the value of a[n] at each time period Tb.

4.2.3 Comparison of FHSS and DSSS

The comparison can be evaluated by different parameters, such as the spectral
density reduction, interference susceptibility or capacity. Both DSSS and FHSS reduce
the average power spectral density of a signal. For an optimal system realization, the
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objectives are to reduce both transmitted power and power spectral density, to keep them
from interfering with other users in the frequency band. DSSS spreads its energy by timespreading the signal. Therefore, instead of having all the transmitted energy concentrated
in the data bandwidth, it is spread out over the spreading bandwidth. The total power is
the same, but the spectral density is lower. Of course, more channels are interfered with
than before, but at a much lower level. Furthermore, if the spread signal comes in under
the noise level of most other users, it will not be noticed. On the other hand, FHSS
signals lower only their average power spectral density by hopping over many channels.
But during one hop, a FHSS signal appears to be a narrow band signal, with a higher
power spectral density.
The interference susceptibility is another important parameter, which allows BPL
system to operate appropriately. In DSSS receivers, the de-spreading operation consists
in multiplying the received signal by a local replica of the spreading code. This correlates
with the desired signal to push it back to the data bandwidth, while spreading all other
non-correlated signals. After the de-spread signal is filtered to the data bandwidth, most
of the noise is outside this new narrower bandwidth and is rejected. This helps only with
narrowband and uncorrelated interference, and it has no advantage for wideband
interference since spread noise is still noise and the percentage that falls within the data
bandwidth is unchanged, which is the case for impulsive noise in LV networks.
The FHSS signal is agile and does not spend much time on any one frequency.
When it hits a frequency that has too much interference, the desired signal is lost. In a
packet switched system, this results in a retransmission, usually over a clearer channel. In
a fast enough FHSS system, the portion of lost signal may be recovered by using a FEC.
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Based on above discussion, we can conclude that DSSS is more appropriate than
FHSS in hostile channel conditions of BPL. However, some practical issues with spreadspectrum, such as low bit rate, complexity and synchronization in BPL system remain
unsolved. Furthermore, LV networks are highly polluted with impulsive noise, which
makes the spread-spectrum performance degrade severely. The main advantage of
spread-spectrum is its EMC, by the radiation of very weak electromagnetic fields in the
environment. Mentioned reasons caused researchers to lose their interest for using
spread-spectrum in BPL.

4.3 Orthogonal Frequency Division Multiplexing (OFDM)

Frequency Division Multiplexing (FDM) has been a widely-used technique for
signal transmission in frequency selective channels. Essentially, FDM divides the channel
bandwidth into sub-channels and transmits multiple relatively low rate signals by
carrying each signal on a separate carrier frequency so that on each carrier ISI is
eliminated or at least minimized. To facilitate separation of the signals at the receiver, the
carrier frequencies are spaced sufficiently far apart so that signal spectra do not overlap.
Further, in order to separate the signals with readily sizeable filters, empty spectral
regions are placed between the signals. As such, the resulting spectral efficiency of the
system is quite low.
In order to solve the bandwidth efficiency problem, orthogonal frequency division
multiplexing (OFDM) was proposed, which employs orthogonal tones to modulate the
signals [54]. The tones are spaced at frequency intervals equal to the symbol rate and are
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capable of separation at the receiver. This carrier spacing provides optimum spectral
efficiency. Although OFDM was proposed in the 1960’s it was not widely employed until
the 1990’s, largely because of significant circuit design issues. Today, OFDM is a major
contender for 4G wireless applications with significant potential performance
enhancements over existing wireless technology. OFDM is now well-proven technique in
applications such as audio broadcasting (DAB) and asymmetric digital subscriber line
(ADSL). Furthermore, it is a candidate for digital video broadcasting (DVB). OFDM
proves to be robust against channel delay spread, because it is strongly related to FH
technique.

4.3.1 OFDM system concept

The basic idea of OFDM is to split a high rate data stream into a number of lower
rate streams and transmit these streams simultaneously, and in parallel over a number of
orthogonal subcarriers. The orthogonality of subcarriers guarantees that the streams do
not interfere with one another. It is possible that subcarriers lose their orthogonality due
to multipath or channel non-stationary behavior. In this case, sub-carriers interfere with
one another and cause inter-carrier interference (ICI). A very general block diagram
realization of an OFDM system is depicted in Figure 4-8.
Each data stream is sent in one subchannel, so that each has its own coherence
bandwidth. If the bandwidth of transmitted signal is less than coherence bandwidth of the
channel, inter-symbol interference (ISI) is eliminated on that channel. Lower data rate
streams have lower bandwidth and therefore, if we choose enough subcarriers, we will be
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able to have very low-rate parallel data streams in each such that each subchannel will be
ISI free.

d0
d1

d[n]
Mapping

IFFT

S/P

Channel

FFT

P/S

DeMapping

~
d [n]

dN-1

Figure 4-8: General block diagram realization of an OFDM system
The number of bits assigned to each sub-carrier is variable based on the
variability of signal to noise ratio across the frequency range. Optimization of this bit
assignment will be detailed in further sections. The number of sub-carriers, N, used in an
OFDM system is chosen as a trade-off between the frequency offset of adjacent carriers
and the adjacent channel interference. A greater number of sub-carriers implies less
adjacent channel interference, but increased susceptibility to frequency offset, and viceversa.

4.3.2 OFDM and orthogonality concept

The division of data stream to several sub-carriers can be implemented easily
using Inverse Fast Fourier Transform (IFFT). The match filtering of each sub-channel
also is done by Fast Fourier transform (FFT). These operations perform reversible linear
mappings between N complex data symbols and N complex OFDM symbols. An N-point

97
FFT requires only on the order of N log N multiplications rather than N2 as in a
straightforward computation [54]. Due to this fact, an OFDM system typically requires
fewer computations per unit time than an equivalent system with equalization.
In OFDM the sub-carrier pulse used for transmission is chosen to be rectangular.
This has the advantage that a simple Inverse Discrete Fourier Transform (IDFT), which
can be implemented very efficiently as Inverse Fast Fourier Transform (IFFT), can
perform the task of pulse forming and modulation. Accordingly, in the receiver we only
need a FFT to reverse this operation. According to the theorems of the Fourier Transform
the rectangular pulse shape will lead to a sin(x)/x type of spectrum of the sub-carriers as it
is shown in Figure 4-9 .

Figure 4-9: OFDM and orthogonality principal
Obviously the spectrums of the sub-carriers are not separated but overlapped. The
reason why the information transmitted over the carriers can still be separated is the socalled orthogonality relation. By using an IFFT for modulation we implicitly chose the
spacing of the sub-carriers in such a way that at the frequency where we evaluate the
received signal (indicated as arrows) all other signals are zero.
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Transmission of data in the frequency domain using an FFT, as a computationally
efficient orthogonal linear transformation, results in robustness against ISI in the time
domain.
In this system, the input data with rate R is divided into N parallel information
sequence with rate R/N where N is the number of carriers. Each sequence modulates a
carrier. The frequency of mth carrier is:
m
T

fm = f0 +

4.9

where f0 is the lowest frequency of the carriers and T is the OFDM symbol duration. The
transmitted signal in OFDM is then written as:

s (t ) =

∞

N

1

∑∑d

N

m

( i )e j 2π

f m ( t − iT )

4.10

m =1 i = −∞

where dm(i) is the complex symbol of the mth subchannel at the time interval iT, keeping
in mind that an arbitrary modulation type can be used. The time discrete equivalent of the
transmitted signal at kth subchannel is given by 4.11.
sk =

1
N

N

∑d

m

e

j 2πm

k
N

1≤ k ≤ N

4.11

m =1

In the case of ideal channel with additive noise, the received signal after filtering
and sampling is:

rk = s k + z k

1≤ k ≤ N

4.12

where zk is the additive noise at the kth subchannel. The transmitted symbols dm are
recovered from the received sequence by performing an N point DFT, as follows:
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Rk =
1
=
N

N

1

∑se

− j 2π i

i

N

k
N

+

N

i =1

N

N

∑∑
i =1

dle

j 2π ( l − k )

N

1
i
N

∑ze

− j 2π i

i

k
N

i =1

+ Zk

4.13

l =1

= dk + Zk

1≤ k ≤ N

where Zk is DFT of noise at kth subchannel.

4.3.3 OFDM system in non-ideal channel conditions

The results of equation 4.13 are driven by assuming two conditions:
1-

The receiver and the transmitter must be perfectly synchronized. This
means they both must assume exactly the same modulation frequency
and the same time-scale for transmission.

2-

The channel is ideal and there is no multipath and delay spread.

The first condition is satisfied in practical applications by inserting some known
data (pilot) signal to the OFDM symbol. This pilot is important to identify the amplitude
and phase reference of the mapping constellation in each subcarrier so that the complex
data symbols can be demodulated, correctly.
The second condition cannot be obtained in practice. With multipath in the
transmission channel, the orthognoality of subchannels is destroyed, due to the ISI
introduced to the system. The spectra of an OFDM signal are not strictly band-limited
and the multipath fading causes each subchannel spread the power into adjacent channels.
Moreover, the delay time larger than symbol time contaminates the next symbol.
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One way to tackle this problem is to create a cyclically extended guard interval
time in each OFDM symbol [54], where each OFDM symbol is preceded by a periodic
extension of the signal itself. The total symbol duration is Ttotal=Tg+Ts, where Tg is the
guard interval time and Ts is the OFDM symbol time. Figure 4-10 shows a typical guard
interval time. Each symbol is made of two parts. The whole signal is contained in the
active symbol, the last part of which is also repeated at the start of the symbol and is
called guard interval. The reason for this is to convert the linear convolution of the signal
and channel to a circular convolution and thereby causing the DFT of the circularly
convolved signal and channel to simply be the product of their respective DFTs. If the
guard interval time is longer than the multipath delay of channel, the effect of ISI can be
eliminated. The ratio of the guard interval to the useful symbol duration is applicationdependant because the insertion of guard interval will reduce the data throughput. At the
receiver-end this guard interval should be removed before taking FFT from the received
signal.

Guard

Symbol M-1 Interval

Symbol M

Guard
Interval Symbol M+1

Figure 4-10: Guard interval insertion
Considering a non-ideal channel, the received signal in kth subchannel is
expressed by 4.14.
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L

rk =

∑hs
l

k −l

+ zk

1≤ k ≤ N

4.14

l =1

where hl is the channel impulse response and L is the length of channel impulse response.
Equation 4.14 is a time convolution between channel coefficients and the transmitted
data. After taking FFT at the receiver, assuming a long enough guard interval to avoid
ISI, the received signal can be expressed as:
Rk = H k d k + Z k

1≤ k ≤ N

4.15

where Hk is the channel transfer function at kth subchannel.

4.3.4 Effect of OFDM system on BPL noise

From equation 4.13, the noise at the receiver is the DFT of the channel noise and
is given by:
Zk =

1
N

N

∑

zi e

−

j 2π i k
N

,

k = 0,1,...N − 1

4.16

i =1

As it is mentioned earlier in chapter 3, zi’s are i.i.d random variables with a
distribution function as in 3.14. According to Central Limit Theorem, if a sample mean
x is obtained from samples that are taken from a large population, and the samples are of

sufficiently large ensemble size, the distribution of x is well approximated by a Gaussian
distribution. This Gaussian distribution is characterized by a mean μ x = μ and a
standard deviation σ x = σ / K , where μ and σ are the mean and standard deviation of
the population and K is the sample size. By considering 4.16, we can rephrase Zk as:
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Zk =

N

1
N
N

∑ z′

n

4.17

n=0

in which

z ′n = z n e

−

j 2 π kn
N

4.18

Therefore, based on Central Limit Theorem, Zk is Gaussian with mean

μ Z = μ z ′ = 0 and standard deviation σ Z = N .(σ z ′ / N ) = σ z , in which σz is
expressed by 3.20. DFT procedure spreads the effect of impulsive noise over multiple
subcarriers in a way that noise on each subband exhibits a Gaussian behavior. This is one
of the major benefits of OFDM system in an impulsive noise environment.

4.3.5 Performance of OFDM system in BPL channel conditions

By assuming long enough guard interval to avoid ISI, each subband can be
considered as a regular ISI-free additive Gaussian noise (AGN) channel and the analysis
becomes a straight forward procedure. We know from [51] that the Bit Error Rate (BER)
of a QAM scheme under AGN regime follows 4.19.
BER = 1 − (1 − P
P

M

= 2 (1 −

1
M

)Q (

M

)2

3 E av
)
( M − 1) N 0

4.19
4.20

where M is the modulation level and M=2k when k is even. Eav is the average symbol
power and N0 is the noise power.
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Thus, if QAM modulation is used for each subcarrier, we can express the average
BER of an OFDM system with N subcarriers (assuming no ISI) as:
N

BER

Pk ,

M

avg

=1−

= 2(1 −

∑ (1 − P

k,

k =1

M

)2

N
2

3 H k E av
)Q (
)
( M − 1) σ Z
M

1

4.21

4.22

For our analysis and simulation purposes, we designed an OFDM system for the
channel introduced in Figure 2-13. The occupied bandwidth of the system is chosen to be
50 MHz. The capacity limit of this channel at 50 MHz with 10-dBm launched power
from Figure 2-13 is around 400 Mbits/sec. The delay spread of the channel is 3
microseconds. To avoid ISI and ICI, while losing less than a 0.5 dB due to guard interval
insertion, we chose an OFDM symbol interval equal to 9 times the delay spread, which is
equal to 27 microseconds. The subcarrier spacing is now the inverse of 27-3=24
microseconds, providing 42 KHz. By considering 50 MHz bandwidth, at most we can use
1200 subcarriers. We designed a system with 1024 subcarriers and one known pilot
channel for estimation. On each subchannel QAM modulation with appropriate
modulation level M is chosen. If on each subchannel QPSK modulation is used, the
overall bit rate will be equal to 1024*2*42 Kbits/sec= 90 Mbits/sec. Figure 4-11 shows
the performance of such a system without coding, analytically and by computer
simulations, under the channel conditions shown earlier in Figure 2-13, for two different
levels of M. For simulation results, two noise models were considered: the time-Markov
model of Figure 3-11 and the statistical model of equation 3.14. Both models are utilized
by the parameters found in chapter 3. It is shown that results by both these models are in
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agreement and also with analytical results. One should notice that Markov based model is
a time representation of the noise, whereas Middleton model is a statistical illustration,
therefore the statistical characteristics of the time domain model over a very long time
will be the same as Middleton’s expression. Our simulations using Markov model are run
for an extensively long period of time. Consequently, as it is confirmed in Figure 4-11,
both models results are quite similar.

Figure 4-11: The performance of uncoded OFDM system in a fading channel with
impulsive noise analytically and by simulation

4.3.6 Adaptive loading for OFDM

Adaptive modulation and bit allocation is an important technique that yields
increased data rates over non-adaptive uncoded schemes. An inherent assumption in
channel adaptation is some form of channel knowledge at both the transmitter and the
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receiver. Given this knowledge, both the transmitter and receiver can have an agreed
upon modulation scheme for increased performance.
The advantage of OFDM is that each sub-channel is relatively narrow-band and is
assumed to have flat fading. However, it is entirely possible that a given sub-channel has
a low gain, resulting in a large BER. Thus, it is desirable to take advantage of
subchannels having relatively good performance; this is the motivation for adaptive
modulation. In the context of time-varying channels, there is a decorrelation time
associated with each frequency-selective channel instance. Thus, a new adaptation must
be implemented each time the channel decorrelates. Two criteria can be set for adaptation
techniques: data rate and error probability.

4.3.6.1 Adaptive OFDM algorithm for increasing data rate

The objective this optimization is to maximize the data rate, Rb for a given total
transmission power Ptotal such that the received data achieves a specified performance.
The performance criteria are application-dependant. For hard-decision coding systems or
systems without coding probability of error is chosen criterion. As soft-decision,
minimum distance decoding is widespread in data transmission, the mean squared signal
separation (MSSS) is the performance criterion for such systems. For now, we assume a
general criterion, which has value ci on each subchannel and average C per bit over all
the subchannels.
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N

The objective is to maximize data rate R b =

∑b

i

by optimizing the allocation

i =1

of power, Pi, and data rates bi on each of N subchannels, such that the constraint 4.23 is
satisfied.
N

∑c

i

i =1

C =

4.23

= C max

Rb

where the parameter ci is assumed to be zero for any subchannel on which bi=0.
Define b to be the vector of bi’s and P to be the vector of corresponding Pi’s.
Then, the optimization problem is stated as follows:
N

Maximize R b =

∑b
i =1

i

with respect to b and P Є RN

4.24

N

Subject to h1 =

∑P − P
i

total

=0

4.25

i =1

h2=C-Cmax=0

4.26

Using the Lagrange multiplier method [55], the Lagrangian function is defined:

L( b , P , λ1 , λ 2 ) = − Rb + λ1 h1 + λ 2 h2

4.27

This is a convex problem, therefore the vectors b* and P* are optimum when:

∇L(b* , P * , λ1 , λ2 ) = −∇Rb + λ1∇h1 + λ2 ∇h2 = 0

4.28

Equation 4.28 yields:

-

∂R b
∂bi

*

*

{b ,P }

+ λ1

L

∑
j =1

∂P j
∂b i

*

{b ,P

*

+λ2
}

∂C
∂b i

{ b* , P * }

=0

4.29

107

∂R b
∂ Pi

*

*

{b ,P }

+ λ1

L

∑
j =1

∂P j
∂ Pi

{ b* , P * }

+λ2

∂C
∂ Pi

{ b* , P * }

=0

4.30

for all i such that bi ≠0. Since Rb is independent of power distribution and also Pi is
independent of data allocation equations 4.30 and 4.29 give:

- 1 + λ2

∂C
∂bi

λ1 + λ 2

∂C
∂ Pi

{ b* , P * }

=0

4.31

=0

4.32

{ b* , P * }

Therefore, the optimum solution is found by solving the gradient conditions

∂C
∂bi
∂C
∂Pi

{ b* , P * }

= ξ1

4.33

{ b* , P * }

= ξ2

4.34
N

all i such that bi ≠0, where ξ1 and ξ2 are constants such that R b =

for

∑b

i

,

i =1

N

∑P = P
i

i =1

total

and C=Cmax.

4.3.6.1.1 Error probability criterion

This criterion is considered by most researchers for adaptive loading algorithms in
OFDM systems, such as in [56]. With this criterion C is the average bit error probability,
pe. Thus the received data must achieve a specified bit error probability pe=pmax=Cmax. If
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the bit error probability on the ith subchannel is denoted by pi then ci, which is the symbol
error probability on the ith subchannel will be equal to bi× pi. Based on the definition of
bit error probability, the criterion C is given by 4.35.
N

N

∑

C = pe =

bi p i
=

i =1
N

∑

bi

∑

ci

i =1

Rb

4.35

i =1

By applying 4.35 to 4.33 and 4.34 the optimum conditions become:
∂C
∂bi

{ b* , P * }

∂C
∂Pi

1
=
Rb

{ b* , P * }

⎡
⎢
⎢⎣

N

∑
j =1

1
=
Rb

⎡
⎢
⎢⎣

⎤
− pmax ⎥
= ξ1
∂bi
⎥⎦ { b* , P * }

4.36

∂c j ⎤
= ξ2
⎥
∂bi ⎥⎦ * *
{b , P }

4.37

∂c j

N

∑
j =1

If we assume an ICI-free OFDM system then the symbol error on each
subchannel depends only on the bit allocation on the same subchannel. Therefore, the
optimum conditions will be:

∂ci
∂bi
∂c i
∂ Pi

{ b* , P * }

=ψ1

4.38

{ b* , P * }

=ψ 2

4.39

If M-ary QAM modulation is utilized for each subchannel with Mi=2ki when ki is
even, then the symbol error probability in ith subchannel, ci is given by:
c i = 1 − ( 1 − Pi ,

M i

)2

4.40
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where P i ,

M i

is given by 4.22. Now, equation 4.40 can be applied to optimum

conditions of 4.38 and 4.39 to find an optimum solution. Unfortunately, by doing so an
explicit expression for bi and Pi cannot be obtained, hence Rb cannot be calculated
directly [57]. However, by help of iterative algorithm, the optimum distribution of power
and bit allocations can be calculated. This algorithm will be discussed later in this
section.

4.3.6.1.2 MSSS criterion

MSSS is defined to be the mean squared error of the received signal divided by
the average distance of points in the signaling constellation. Suppose that on subchannel
i, adjacent points x and y in the received signal constellation at the sampled output of the

matched filter for a noise-free transmission are separated by a distance ri ( x, y) = x − y
Over the Mi constellation points, the average of points’ distance squared is then defined
as

{

d i2 = E ri ( x, y ) 2

}

4.41

The mean squared error of the received signal at subchannel i is given by

{

σ i2 = E a i − a i

2

}

4.42

where ai is the transmitted data symbol on subchannel i and āi is the corresponding
received symbol. The MSSS criterion for each subchannel, ci is defined by
ci = ε

i

=

σ
d

2
i
2
i

4.43
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Therefore, the average MSS per bit criterion, C, is written as
N

C =ζ =

∑

i =1
N

σ
d

∑b

2
i
2
i

N

=

∑ε

i

i =1

Rb

4.44

i

i =1

By applying 4.44 to 4.33 and 4.34 and assuming no ICI, the optimum conditions
become:

∂ci
∂bi
∂c i
∂ Pi

{ b* , P * }

=ψ1

4.45

{ b* , P * }

=ψ 2

4.46

To utilize the optimum conditions more specifically, we choose our system to
have an M-ary QAM on each subchannel. The system is ISI and ICI free, as well. The
received signals pass through a matched filter on each subchannel. Then they multiply by
a gain, specific for each subband, to minimize the MSE between the transmitted and
received symbol. If gi is the gain on the ith subchannel, the received symbol at this
subband is

ai = H i2 g i ai + H i g i ni

4.47

in which ni is the additive noise at subband i and Hi is the amplitude of transfer function
of the same subband. Hi is assumed to be constant over the band of that subchannel.
Thereby, from 4.42 the MSE between the transmitted and received symbol is equal to

σ i2 = (1 − g i H i2 )Ei + H i2 N 0

4.48
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where N0 is the power additive noise and is the energy of transmitted symbol on ith
subchannel, which is equal to Pi divided by the bandwidth of subband i. The optimum
receiver gain to minimize σ i2 is equal to

gi =

Ei
N 0 + Ei H i2

4.49

and consequently the MSE is given by

σ i2 =

Ei N 0
N 0 + E i H i2

4.50

From [51] and by considering the matched filter and gain at the receiver, the
average of points’ distance squared in a noise free transmission is equal to 4.51
d

2
i

3 E i ( H i2 g i ) 2
=
2 ( M i − 1)

4.51

By combining 4.51 and 4.50 and 4.49, the expression 4.43 for ci=εi can be
utilized. Subsequently, the optimum conditions of 4.45 and 4.46 are exploited.
Unfortunately, similar to the other case, these equations are not explicitly solvable [57].
However, the iterative algorithm presented in next section can find the solution for both
criteria.

4.3.6.1.3 Iterative algorithm

The optimization condition of, 4.33 and 4.34, often are not explicitly solvable but
require an iterative solution. The optimization of the transmission is performed using a
steepest descent algorithm to assign the data and power among the subchannels.
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After the initialization, the optimization can be broken into two sub-problems, i.e.,
minimize C with respect to: 1) the subchannel bit allocation and 2) the power
distribution. The overall data rate is increased at each step to ensure that the solution is
feasible, i.e., achieves the constraints.
For better understanding of the algorithm, we define for variables for each
subchannel as follows:

Δ ci+, b = ci
Δ ci−, b = ci
Δ ci+, P = ci
Δ ci−, P = ci

{ b i + Δ b , Pi }
{ b i − Δ b , Pi }
{ b i , Pi + Δ P }
{ b i , Pi − Δ P }

− ci
− ci
− ci
− ci

{ b i , Pi }
{ b i , Pi }
{ b i , Pi }
{ b i , Pi }

>0

4.52

<0

4.53

<0

4.54

>0

4.55

The optimization procedure can then be described with following steps:
1)

Initialization: system initialized at a condition on which constraints
4.25 and 4.26 are satisfied

2)

Minimize C with respect to bi: Select the minimum allowed increment
or decrement of bit allocation, Δb. In QAM system this parameter has
to be a multiplicand of 2. Afterward for each subchannel calculate the
terms

Δ c i+, b

and

Δ c i−, b . Find subchannels I and J such that

Δ c I+ , b = min

{Δ c }

and
= min

{Δ c }

Δc

−
J ,b

+
i ,b

−
i ,b

4.56
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where Δ c I , b >0 and
+

Δ c J− , b <0 and I≠ J. Then, if Δ c I+, b

< Δ c J ,b ,
−

transferring Δb from subchannel J to I will result in the largest decrease
in C. Thereby, increase bI by Δb and decrease bJ by the same amount.
Repeat

this

procedure

with

the

new

bit

allocation

until

Δ c J− ,b ≤ Δ c I+,b . At this point, no further transfer will reduce C.
3)

Find the highest feasible bi: At step 2 the constraint 4.26 is no longer
valid. Therefore, it is possible to increase the bit rate to meat this
constraint. Find the subchannel I such that

Δ c I+ , b = min
Then, if Cmax – C ≥

{Δ c }
+
i ,b

Δ c I+, b

4.57

, increasing the number of bits in

subchannel I by Δb will result in th smallest increase in C. Increase bI
by Δb. Repeat this process until
4)

Δ c I+, b

> Cmax – C.

Minimize C with respect to Pi: Select the minimum allowed increment
or decrement of power distribution, ΔP. Afterward for each subchannel
calculate the terms

Δ c i+, P

and

Δ c i−, P

. Find subchannels I and J

such that

Δ c I+ , P = min

{Δ c }

and
= min

{Δ c }

Δc

−
J ,P

+
i ,P

−
i ,P

4.58
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where Δ c I , P <0 and
+

Δ c J− , P

>0 and I≠ J. Then, if ΔcI , P > Δ c J , p ,
+

−

transferring ΔP from subchannel J to I will result in the largest decrease
in C. Thereby, increase PI by ΔP and decrease PJ by the same amount.
Repeat

this

procedure

with

the

new

bit

allocation

until

Δ c I+, P ≤ Δ c J− , P . At this point, no further transfer will reduce C.
5)

Repeat step 3.

In literature, steps 2 and 3 are considered as bit loading process and steps 4 and 5
as power loading. Both bit loading and power loading algorithms are suboptimum
subroutines. Based on application and considering the complexity of the system each of
these suboptimum routines can be selected instead of the entire complex optimum
algorithm.
We applied the mentioned optimization algorithm to the channel of Figure 2-13.
The system is assumed to have 50 MHz bandwidth. For error probability criterion, we
chose pmax=10

–5

. Figure 4-12 shows the normalized transmission rate of the OFDM

system using the optimization algorithm for error probability criterion. Also, the channel
capacity is depicted as a reference. Moreover, Figure 4-12 shows the performance of
suboptimum routine, bit loading, and as it is seen, the bit loading adaptation improves the
system but not as much as the total optimum algorithm.
These algorithms with MSSS criterion of ζmax=0.05 are also applied to the same
channel and the results are shown in Figure 4-13.
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Figure 4-12: Transmission rate for different adaptive algorithms with error
probability criterion operating in channel of Figure 2-13

Figure 4-13: Transmission rate for different adaptive algorithms with MSSS
probability criterion operating in channel of Figure 2-13
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4.3.6.2 Adaptive OFDM algorithm for improving system performance

The objective of this optimization is to maximize the system performance for a
given total transmission power Ptotal such that the received data is transmitted by a certain
N

bit rate Rb ma x =

∑b .
i

i=1

Similar to the last situation the performance criterion is

application-dependant and can be either error probability or MSSS.
We can state the optimization problem as bellow:
N

Minimize C =

∑c
i =1

Rb

i

with respect to b and P Є RN

4.59

N

Subject to h1 =

∑P − P
i

total

=0

4.60

i =1

h2=Rb-Rbmax=0

4.61

Following the steps mentioned in last section, we can express the optimization
conditions as:

−

∂C
∂bi

−

∂C
∂bi

{ b* , P * }

+ λ2 = 0

4.62

{ b* , P * }

+ λ1 = 0

4.63

Similar to the last case, the optimization conditions cannot be explicitly solved for
any of MSSS and error probability criteria. Therefore, the iterative steepest descent
algorithm needs to be applied. For this case, the optimization procedure follows steps 1,2
and 4 of introduced algorithm in last section because the data rate is fixed and therefore
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steps 3 and 5, which adapt the data rate are redundant. Likewise, suboptimum routines of
bit loading and power loading are also applicable at this situation.
These optimum and suboptimum algorithms are applied to the OFDM
communication system introduced in section 4.3.5 and the results are illustrated in
Figure 4-14. The original system uses a QPSK scheme for all the subchannels with
overall data rate of 90Mbits/sec. As it is seen, bit loading shows better improvement than
power loading in this system. The optimum adaptive algorithm improves the system
performance by 6dB at error probability of 10-6.

Figure 4-14: The effect of adaptive OFDM loading to the performance of a
communication system
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4.3.7 Impulsive noise cancellation in OFDM

As it is discussed earlier, OFDM system is more robust to impulsive noise in the
environment than conventional single carrier systems due to the averaging of the symbols
at the receiver. However, a very long impulsive noise can cause the entire OFDM symbol
to be corrupted. This can be devastating to the overall system performance. Therefore, an
impulsive noise suppression technique is necessary to tackle this problem in a highly
impulsive communications environment such as powerline channels.
Very recently, decision directed impulsive noise suppression techniques for
OFDM systems were developed by researchers for different applications [58][59][60].
Some details of each technique differ due to their application situation but all of them use
a decision directed approach. In this research, we adopt a variation of the method used in
[60] where our algorithm is more suitable for practical situation of impulsive noise in
powerline channels.

4.3.7.1 Decision directed impulsive noise cancellation

The block diagram of decision directed impulsive noise cancellation OFDM
receiver is depicted in Figure 4-15. The received signal, r(k), is demodulated and then the
~
demodulated data, d(k) is again modulated by an OFDM modulator resulting ~s (k) . Since

the powerline channel is slowly varying compared to the data rate, it is valid to assume
that the receiver has an accurate estimate of the channel. By convolving ~s (k) by the
channel estimation, an approximation of the received signal without additive noise is
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obtained. Therefore, in such a way we can achieve noise estimate n~ ( k ) = r ( k ) − h( k ) * ~s ( k ) .
The most accurate noise estimations are for the impulsive noise bursts because these
impulses cause a detection error at the receiver with a very high probability, especially at
low signal-to-noise ratios (SNR). This error causes a difference between ~s (k) and s(k) at
the impulse occurrence time. Therefore, with a very high probability this difference will
show up at the noise estimation. Consequently, the estimation of noise ~n(k) , for that
impulse will be accurate. This will not be true for the non-impulsive noise. Therefore, it
is sensible to only feedback the estimation of impulsive noises as these are the most
reliable approximations. For this reason, the M largest values of estimated noise are fed
back to the original received signal in Figure 4-15. These M values are then subtracted
synchronously from r(k). The choice of M depends on how many impulses appear on
each feedback process and it is a vital parameter for the system to perform optimally.

Figure 4-15: Decision directed impulsive noise cancellation OFDM receiver
block diagram

120
To investigate the performance of this receiver and observe the effect of M on the
system operation, we simulated an OFDM system over the LV powerline channel of
Figure 2-15. The occupied bandwidth of the system is chosen to be 60 MHz. The delay
spread of the channel is 2 microseconds. To avoid ISI and ICI, while losing less than a 1
dB due to guard interval insertion, we chose an OFDM symbol interval equal to10 times
the delay spread, which is equal to 20 microseconds. The subcarrier spacing is now the
inverse of 20-2=18 microseconds, providing 55 KHz. By considering 60 MHz
bandwidth, at most we can use 1100 subcarriers. We designed a system with 1024
subcarriers. On each subchannel BPSK modulation is chosen.
For now, we assume a very long interleaver is deployed in the system and
therefore, Middleton noise model can be used for time representation of impulsive noise.
For this matter, we chose A=0.01 and Γ=0.1.
The feedback process for impulsive noise suppression happens on each OFDM
symbol, i.e. 1024 bits.
Figure 4-16 shows the error probability of the system versus M for different
SNRs. As it is seen in this figure, M=10 is the optimum value for this system and any
number more or less than this value results in a non optimal performance. It is also
important to notice that a system with a high value of M is not improving the system’s
performance compared to a system without feedback.
The noise model used for the system above is a Middleton noise model and as it is
seen from equation 3.14, this noise can be generated in time by a Poisson process with an
average arrival rate λ=A. Therefore, the probability of impulsive noise for this noise
model is 1-e-A. With A=0.01, the probability of an impulse is equal to 0.01. Thereby, the
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average number of impulses in an OFDM symbol is equal to 1024× 0.01=10.24. This is
the reason why M=10 is the optimum number for the impulsive cancellation feedback.

Figure 4-16: Effect of M on the performance of impulse cancellation
Figure 4-17 shows the error probability of the discussed system with M=10 on
the mentioned channel with the Middleton noise model. Also, the performances of a
conventional OFDM system on this channel with and without impulsive noise are
depicted. The impulsive suppression technique has significantly improved the system’s
performance with impulsive noise. This improvement at error probability of 10-4 is close
to 10 dB. It is important to notice that this system is operating very similar to the case of
no impulsive noise, especially at high SNRs. Hence, one can claim at these SNRs noise
impulses are completely cancelled.
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Figure 4-17: Performance of decision directed impulsive noise cancellation receiver
with M=10

4.3.7.2 The iterative impulsive noise cancellation

Earlier, it was argued that the number of feedback impulses, M, is a vital
parameter for the system to perform optimally and this number needs to be equal or close
to the number of impulses in each feedback frame. Choosing a fixed M is not advisable
for a practical system, as the number of noise bursts is different for frames at different
times. Specially, if the time-based Markov model is used, it will be seen that over a very
long time, most frames are impulse free but when a burst noise arrives, those frames hit
by the burst are highly disrupted. Therefore, an algorithm needs to be employed to
estimate the number of impulses in each frame.
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We propose a threshold algorithm for approximating the number of noise
impulses. If the variance of background noise is known to the receiver, a threshold value,
NT can be set such that the probability that absolute value of background noise becomes

larger than NT is a very small number, PT. If the absolute value of the estimated noise is
greater than NT the noise is considered impulsive, otherwise it is background noise. With
this algorithm, the number of feedback impulses changes for each frame.
This algorithm can be repeated iteratively, as well. After the first iteration, the
~

demodulated data d(k) is more accurate than before the impulsive noise cancellation.
Therefore, this more accurate estimate of the sent signal could be used again for the next
round of noise estimation. As the number of feedback impulses is not fixed, those
impulses that were missed in the last iteration with a high probability will be detected on
this iteration. Similarly, the ones that were misinterpreted as impulsive in the former
round, with high probability will be discarded this time. The number of necessary
iterations depends on the impulsive noise characteristics.
To explore the performance of this proposed algorithm, we simulated the
discussed system on the mentioned channel with a Markov-based impulsive noise model.
⎡0.99 0.01⎤
⎥ as
⎣ 0.2 0.8 ⎦

The first layer of the noise model has P1 = ⎢

its transition probability matrix
⎡0.98 0.02⎤
⎥.
⎣0.02 0.98⎦

and the second layer’s transition probability matrix is P2 = ⎢

This model has

the same PDF as the Middleton noise model we used before with A=0.01 and Γ=0.1. We
employed the earlier system designed for Middleton noise model with M=10, on this
channel condition and the result is illustrated in Figure 4-18. The performance curves of a
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conventional OFDM system in this channel with and without impulsive noise are shown
in Figure 4-18, as well. The fixed size feedback algorithm has improved the system very
slightly, although the noise model that this algorithm was designed for has the same
statistics of the noise in this environment. Furthermore, the proposed iterative algorithm
with PT=10-5 was deployed in the same channel condition and its performances are
plotted in Figure 4-18. The first iteration has improved the system considerably and the
second iteration makes the system to operate in an almost impulsive noise free condition.
More iterations improve the system but they are insignificant in this system, because the
second iteration’s performance is very close to the no impulsive noise situation and this is
the limit of improvement.

Figure 4-18: Performance of proposed iterative algorithm in a Markov-based noise
model environment
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4.4 Multi-carrier CDMA (MC-CDMA)

The well-known multi-carrier technique, OFDM, is considered as the modulation
scheme for BPL by most researchers and it was discussed in last sub-section. By the
application of OFDM, the most distinct property of power-line channel, its frequency
selectivity, can be easily coped with. On the other hand, Code Division Multiple-Access
(CDMA), which is a form of DSSS, is an attractive scheme due to robustness to
interferences. This is very important in PBL communications since there are two sources
of interference, the interference from other wireless devices and the multiuser
interference in a home-network. A combination of multi-carrier modulation and CDMA,
MC-CDMA has the advantages of both techniques.

4.4.1 MC-CDMA Analysis

In MC-CDMA, instead of applying spreading sequences in the time domain, we
can apply them in the frequency domain, mapping a different chip of a spreading
sequence to an individual OFDM subcarrier. Consider a MC-CDMA system with K
users employing binary phase-shift keying (BPSK) and binary spreading sequences. Input
data for each user is first converted to P parallel stream and each bit is spread over L
spreading chips, as it is shown in Figure 4-19. If the bit duration of the original data is Tb,
then chip duration for each transmitted data will be
of user k is given as:

P
T b . Therefore, transmitted signal
L

126
+∞

sk (t ) =

∑

n= −∞

2Eb
LTc

P

L

∑∑d
p =1 l =1

k, p

(n)ck , l uTc (t − nTc )cos(w p+(l −1)P t + φ p+(l −1)P )

4.64

where Eb and Tc are the bit energy and chip duration respectively, uTc (.) is the
rectangular waveform of duration Tc . ck ,l is the l th chip of the user k , d k , p (n) is the n th
data bit in the p th data stream of user k , wi = 2πf i is the i th carrier frequency and φi is
the phase of the ith carrier. In practice the multicarrier modulation is implemented by
IFFT similar to OFDM. Consequently, the number of carriers in this multicarrier system
is equal to LP.

1

Ck,1

2

Ck,2

Serial

dk(n)

Ck,L

to

IFFT

sk(t)

Parallel

P

Figure 4-19: MC-CDMA transmitter block diagram
The transmitting and receiving procedure is exactly similar to the OFDM system.
Thereby, the received MC-CDMA symbol before taking FFT is expressed as
+∞

r (t ) =

∑

n = −∞

2 Eb
LTc

K

P

L

∑∑∑H
k =1 p =1 l =1

k , p + (l −1) P

d k , p (n)ck ,l uTc (t − nTc )cos(w p +(l −1)P t + φ p +(l −1)P ) + ν (t )

4.65
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where ν (t ) is the effective noise in the receiver after FFT, which becomes AWGN as

described earlier. H k ,i is the channel transfer function for the k th user and i th subcarrier.
For downlink channel we have H k ,i = H i . The block diagram of a MC-CDMA receiver
for the kth user is shown in Figure 4-20.

gk,1Ck,1

1

Σ

2
Parallel

uk(n)

gk,2Ck,2
gk,LCk,L

to

FFT

r(t)

serial

P
Figure 4-20: MC-CDMA receiver block diagram
Considering the decision metric in the p th stream of the first user, without loss of
generality, we obtain
Ts

U

p

=

∫
0

L

r (t )

∑c

1, l

cos ( w s t + φ s ) g 1, s dt = D p + I + ν

4.66

l =1

where s = p + (l − 1) P , g1, s is the first user's combining coefficients for the s th subcarrier
and D p is the desired signal which is obtained as
Dp =

E b Tc
2L

L

∑H
l =1

s

g 1, s

4.67
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The noise ν has a zero mean and a variance of
σ z2 T c

σ υ2 =

L

∑g

4

2
s

4.68

l =1

2
where σz is given by equation 3.20. I in equation 4.66 represents the multiuser

interference and is expressed by the following equation.
I =

E bTc
2L

L

K

∑d ∑c
k,p

k =1

k ,l

c1, l H s g s

4.69

l =1

There are several schemes for combining the chips of the same data bit; equal
gain combining (EGC), maximum ratio combining and Orthogonality restoring
Combining (ORC). Using ORC, which outperforms the other schemes under high load
condition at high SNR values [62], the orthogonality among different subcarriers is
restored. For ORC the combining coefficients are

gs =

1
Hs

4.70

Using Walsh-Hadamard spreading codes, which have zero correlation, the
multiuser interference term in equation 4.66 equals to zero. Therefore, the BER for the
p th stream is obtained as

2 LE b

Pe p = Q (

σ

L

2
z

∑H

)
−2
s

4.71

l =1

Assuming a uniform bit allocation probability for different streams, the average
BER of the system is obtained as:
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Pe =

1 P
∑Pe p .
P p =1

4.72

Figure 4-21: The performance of uncoded MC-CDMA system in a fading channel
with impulsive noise analytically and by simulation
For our analysis and simulation purposes, we designed an MC-CDMA system for
the channel of Figure 2-15. The occupied bandwidth of the system is chosen to be 60
MHz. The delay spread of the channel is 2 microseconds. To avoid ISI and ICI, while
losing less than a 1 dB due to guard interval insertion, we choose an OFDM symbol
interval equal to10 times the delay spread, which is equal to 20 microseconds. The
subcarrier spacing is now the inverse of 20-2=18 microseconds, providing 55 KHz. By
considering 60 MHz bandwidth, at most we can use 1100 subcarriers. We designed a
system with 1024 subcarriers and one known pilot channel for estimation. BPSK is the
chosen modulation scheme for each subcarrier. For the MC-CDMA system, we have
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picked L = 8 and P = 256 and the spreading code is Walsh-Hadamard. Figure 4-21
shows the performance of such a system, analytically and by computer simulations. For
simulation results, two noise models were considered: the time-Markov model of
Figure 3-11 and the statistical model of equation 3.14. Both models are utilized by the
parameters found in chapter 3.

Chapter 5
Coding

Shannon [63] in 1948 demonstrated that by proper encoding of the information,
errors induced by a noisy channel could be reduced to any desired level without
sacrificing the rate of information transmission, as long as the information rate is less
than the capacity of the channel. Since Shannon’s work, much effort has been expended
on the problem of devising efficient encoding and decoding methods for error in a noisy
environment.
The channel encoder transforms the information sequence u into a discrete
encoded sequence v called a codeword. The channel decoder transforms the received
sequence r into a sequence ũ called the estimated information sequence. The purpose of
this chapter is to briefly introduce some major coding techniques and investigate the
effect of coding on our system.

5.1 Convolutional coding

One of the most frequently used coding schemes in digital communications
systems is convolutional code. It was first introduced by Elias [64] and shortly thereafter,
Wozencraft and Reiffen [65] proposed sequential decoding as an efficient decoding
method for convolutional codes. Then, in 1967 Viterbi [66] proposed a Maximum
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Likelihood decoding algorithm that was relatively easy to implement for soft decision
decoding of convolutional codes with small constraint length.
A convolutional code is generated by passing the information sequence through a
linear finite-state shift register. In general, the shift register consists of K stages and n
linear algebraic function generators. The parameter K is called the constraint length of
code. The input data to the encoder is shifted the shift registers k bit at a time. One can
say this coding scheme has a memory of Kk bits. Consequently, the code rate is defined
as Rc =

k
. To be specific, let us consider a very simple binary convolutional encoder
n

with K=3, k=1 and n=2 as shown in Figure 5-1.

Figure 5-1: A half rate convolutional code
Following the instructions given in [51], the transfer function of this coding
scheme is given as:

T (D , s ) =

D 5s
(1 − 2 sD

)

5.1

where D denotes the hamming distance between the sequence of output bits and all-zero
sequence. s is the number of state transitions caused by an input bit 1.
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Following the Viterbi [66] decoding algorithm, it is possible to find an upper
bound for error probability of this coding scheme used in an OFDM system. The Pairwise Error Probability (PEP) represents the probability of choosing the coded sequence
ˆ = (xˆ1 , xˆ2 ,..., xˆ )
X
L

when indeed another code sequence X = (x1, x2 ,..., xL ) was transmitted,

where L is the frame length. Under the assumption of perfect channel state information
(CSI), the conditional PEP with respect to the channel coefficients h = (h1, h2 ,..., hN ) is
given as:
⎛
ˆ | h = Q⎜
P X, X
k
⎜
⎝

(

)

(

)

ε X , Xˆ ⎞⎟
2N0

5.2

⎟
⎠

where ε (X, Xˆ ) is the energy difference between two codewords. With the assumption of
BPSK we have,

(

)

⎛
⎞
ˆ h = Q⎜ 2Es Ω ⎟
P X, X
k
k
⎜ N
⎟
0
⎝
⎠

5.3

where E s is the total transmitted energy and Ω k is the set of bit intervals’ locations
where X and X̂ differ in the kth subchannel and where Ω is the cardinality of Ω , which
also corresponds to the length of the error event. Defining the signal-to-noise ratio as

τ = Es N0 and using the upper bound on Gaussian-Q function, i.e.

( )

Q z ≤ 0.5 exp(− z / 2) ,

we

obtain

(

)

ˆ h ≤ 1 exp (− τ Ω
P X, X
k
k
2

)

5.4
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Under the assumption of symbol-by-symbol interleaving which guarantees
independency among bits in the kth subchannel, 5.4 yields:

(

)

ˆ h ≤ 1 [exp (− τ )] Ω k
P X, X
k
2

5.5

PEP is the basic tool for the derivation of union bounds on the error rate
performance of a coded communication system. A union bound on the average BER on
the kth subchannel can be found as in [51]

Pbk ≤

∑ P(X)∑ q(X, X̂)P(X, X̂ | h )
k

X

5.6

X ≠ X̂

where P(X ) is the probability that the sequence X is transmitted, q (X, Xˆ ) is the
number of information bit errors in choosing another coded sequence X̂ instead of X . For
uniform error probability codes, a symmetry property exists, eliminating the need for
averaging over all possible transmitted sequences, which leads to

Pbk ≤

∑ q (X, X̂ ) P (X, X̂ | h )
k

X ≠ X̂

5.7

In the case that PEP is given in a product form, the transfer function technique
[51] provides an efficient method for the computation of 5.7, i.e.

Pbk ≤

∂
T (D k , s )
∂s
s =1

5.8

where T (Dk , s ) is the transfer function associated with the error state diagram of the
code under consideration, s is an indicator variable taking into account the number of bits
in error and Dk is given as the base of the kth subchannel PEP expression derived for the
channel model under consideration.
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Figure 5-2: Effect of convlutional coding on the system performance and its upper
bound.
As an example, we consider a convolutionally coded OFDM system to
demonstrate the BER performance improvement. This system is the same system
designed formerly for the channel of Figure 2-13. The system occupies 50 MHz
bandwidth and uses 1024 subcarriers and BPSK is chosen as modulation scheme on each
subcarrier. By now, the impulsive noise is not considered; thereby background white
noise is the only noise in the system and adjacent noise signals are independent. This lets
us use 5.8 to find the union bound of coding scheme performance. The convolutional
code under investigation is the one described by 5.1. Therefore, from 5.8 the total error
probability of OFDM system is bounded by:

Pb ≤

1
N

N

D5k

∑ (1 − 2D )
k =1

k

2

5.9
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where N is the number of subcarriers. Figure 5-2 shows the performance curves of such
system with and without coding, as well as the union bound of equation 5.9 for this
communications link with coding. It is seen that the coding improves the system
performance substantially and union bound is quite tight and accurate for this coding
design.

5.1.1 OFDM interleaving techniques to tackle the effect of burst noise on
convolutional codes performance
As it was discussed before, convolutional code is a coding technique with Kk bits
memory. This memory is then used for the decoding process. Therefore, if a burst error
occurs longer than this memory, the decoding will be faulty and error spreading happens
[66].
In any communications system burst error can happen either by burst noise in
time or narrowband interference (NBI) in frequency. In BPL both these deficiencies exist.
To solve this problem, interleavers are introduced in communications engineering.
Interleaver shuffles the input data stream so that the adjacent signals in original data
stream spread over the sequence. At the receiver the received data stream is deinterleaved. Thereby, if the sent signal is hit by a burst noise and interleaving size is
much longer than the burst, with a high probability the received data stream after deinterleaving will not contain any burst error.
OFDM communications systems have an inherent property that automatically
separates errors caused by NBI, due to the spreading of the input data stream over several
subcarriers. For simplicity, we assume an OFDM system with 8 subcarriers, similar to the
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one in Figure 5-3. If this system does not apply any interleaving, the received data stream
is read to receiver column by column. If now this system is hit by an NBI at subcarrier 4,
the errors caused by this interference will be separated by 8 bits. If the same system is hit
by a burst impulsive noise at OFDM symbol 11, this burst will be transferred to the
receiver, causing a decoding error. Therefore, an interleaving technique is needed to
overcome this problem.

Figure 5-3: Sequence of 16 OFDM symbols with 8 subcarriers each, affected by
impulsive noise (symbol 11) and a narrowband interferer (subcarrier 4).
Two types of interleavers are commonly used: convolutional and block
interleavers [67]. Convolutional interleavers are more complex, but their delay is only
half that of corresponding block interleavers. Block interleavers are simple: The bits are
filled into a table column by column and read out row by row; for the de-interleaver the
operation is reversed.
Assume now that a block interleaver directly aligned to a transmission block of 16
OFDM symbols with 8 subcarriers each is used, as indicated in Figure 5-3. If the OFDM
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symbol 11 is hit by a noise impulse, the de-interleaver will read out the symbols row by
row, such that the errors of symbol 11 are seperated evenly, resulting in dispersed bit
errors with 15 correct bits in between. Such an error pattern could be corrected easily
with convolutional codes. If, however, an NBI hits subcarrier 4, the output of the
deinterleaver will contain an error burst of length 16. The decoder can no longer correct
such an error event. It is therefore necessary to find a better interleaver.
For simplicity, in order to design an appropriate interleaver for OFDM system, we
consider a system with eight subcarriers. The bits shall be interleaved within a block of
16 symbols, i.e. there are 128 bits in a block. The input of the interleaver is denoted as x
and its output as y, both of them are vectors with 128 elements. Element yi is the bit
transmitted in OFDM symbol i div 8 at subcarrier i mod 8. The interleaver shall be
capable of separating burst errors caused by NBIs as well as burst errors caused by
impulsive noise such that the bit errors at the input of the Viterbi decoder are dispersed.
To measure the quality of an interleaver, the following metrics are defined:
1. d1: Minimum distance between any two bit errors at the output of the deinterleaver caused by an NBI.
2. d2: Minimum distance between any two bit errors at the output of the deinterleaver caused by an impulsive noise burst (affecting a single OFDM
symbol)
3. d3: Minimum distance between any two bit errors at the output of the deinterleaver caused by two adjacent impulsive noise bursts (affecting two
consecutive OFDM symbols)
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4. d4: Minimum distance between any two bit errors at the output of the deinterleaver caused by two NBIs at adjacent subcarriers.
d1 and d2 are the minimum distances between any two-bit errors caused by a
single error event in the frequency and the time domains, respectively, whereas d3 and d4
define the corresponding distances when two adjacent error events occur. We will
optimize the interleaver as follows: First we attempt to maximize d1, as the impact of an
NBI on performance is critical. Then, we will maximize d2. If possible, also the impact of
two error burst events, as described by d3 and d4, will be minimized.
As shown in Figure 5-3, an NBI affects every eighth bit, i.e. the maximum
distance that can be achieved in this case is d1max=8. A single impulsive noise burst
destroys up to eight of the total of 128 bits. Therefore, in this case d2max=16 cannot be
exceeded. Two adjacent noise burst destroy up to 16 out of the 128 bits, such that
d3max=8. A similar argument yields d4max=4.
As discussed earlier, OFDM technique automatically separates errors caused by
an NBI. Hence, OFDM without an interleaver leads to d1=8, which is a favorable
property. However, an impulsive noise burst affects all bits of an OFDM symbol, such
that in this case d2=1, which is undesirable. Using the simple block interleaver mentioned
previously would indeed maximally separate the errors caused by a noise burst (d2=16),
but at the same time fail to separate NBI errors (d1=1), thereby destroying the inherent
property of OFDM.
An “ideal” block interleaver should separate both types of error bursts and
combine the features of both approaches. Ramseier in [68] has introduced a very effective
interleaving technique, which we will discuss here.
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In the design process of the optimum interleaver it is first attempted to keep the
inherent advantage of OFDM, i.e., d1=8. There are 64 possible interleavers with this
property. By construction it was found that such interleavers can be described as follows:
Interleaver

yi = xj

j=(k1.i) mod 128,

i=0... 127

5.10

De-interleaver

xi = yj

j=(k2.i) mod 128,

i=0... 127

5.11

(k1.k2) mod 128=1

5.12

where k1 and k2 are odd integers (1,3,5,...,127). xj is the jth bit of the vector x to be
interleaved, and yi is the bit transmitted in OFDM symbol i div 8 at subcarrier i mod 8.
Note that 5.12 assures that the combination of interleaver and de-interleaver actually
returns the original sequence of the bits.
There are 64 combinations of (k1,k2) that satisfy 5.12. Each combination is
simulated and the minimum distances d2, d3 and d4 are computed in [68]. The detailed
results are shown Table 5-1. All these interleavers have the minimum distance for a
single NBI d1=8.
Having found interleavers with maximum d1, we can now pick the interleaver
with best minimum distance for a single NBI, d2. According to Table 5-1, this is d2=15
and it is achieved by either k1=113, k2=17 or k1=15, k2=111. For both of these systems
d3=7, i.e., two adjacent noise burst are separated almost perfectly (recall that d3max=8).
However, none of these pairs can separate two adjacent NBIs, because d4=1.
The matrix of interleaved bits corresponding to the system with k1=113, k2=17 is
shown in Table 5-2. Assume that the original bits (as output by the convolutional
encoder) are numbered from 0 to 127. Without an interleaver, bits 0..7 would be
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transmitted in the first OFDM symbol, bits 8..15 in the second, and so on. However, with
an interleaver, the bits transmitted in each OFDM symbol correspond to the rows of
Table 5-2. Bit 0 is therefore transmitted in subcarrier 1 of the first symbol, bit 1 in
subcarrier 2 of the 3rd symbol, etc.
Table 5-1: Minimum distances for an 8×16 interleaver
k1

k2

d2

d3

d4

k1

k2

d2

d3

d4

k1

k2

d2

d3

d4

k1

k2

d2

d3

1

1

1

1

1

65

65

2

2

1

97

33

4

4

1

33

97

4

4

d
4
1

43

3

1

1

3

107

67

2

2

3

11

35

11

4

3

75

99

9

4

3

77

5

1

1

3

13

69

13

2

3

45

37

7

7

3

109

101

5

5

3

55

7

1

1

1

119

71

9

2

1

23

39

10

3

1

87

103

5

5

1

57

9

14

1

1

121

73

7

7

1

25

41

3

3

1

89

105

11

5

1

35

11

11

1

3

99

75

12

5

3

3

43

3

3

3

67

107

6

6

3

69

13

10

1

3

5

77

5

5

3

37

45

3

3

3

101

109

7

6

3

111

15

9

1

1

47

79

13

5

1

79

47

11

3

1

15

111

15

7

1

113

17

15

7

1

49

81

11

3

1

81

49

13

5

1

17

113

9

1

1

27

19

7

6

3

91

83

3

3

3

123

51

5

5

3

59

115

10

1

3

61

21

6

6

3

125

85

3

3

3

29

53

12

5

3

93

117

11

1

3

39

23

11

5

1

103

87

3

3

1

7

55

7

7

1

71

119

14

1

1

41

25

5

5

1

105

89

10

3

1

9

57

9

2

1

73

121

1

1

1

19

27

5

5

3

83

91

7

7

3

115

59

13

2

3

51

123

1

1

3

53

29

9

4

3

117

93

11

4

3

21

61

2

2

3

85

125

1

1

3

95

31

4

4

1

31

95

4

4

1

63

63

2

2

1

127

127

1

1

1

If the transmitted block is disturbed by an NBI at the first subcarrier, the bits in
the first column of Table are 5-2 affected. However, after the de-interleaver, these bit
errors will be distributed (bits 0, 8, 16, etc.), such that the Viterbi decoder does not see
any error burst. The distance between any two affected bits is d1=8. An impulsive noise
burst disturbs an entire symbol, e.g. the bits transmitted in the first row of Table 5-2.
However, after the de-interleaver, this error burst is spread out to bits 0, 23, 38, ... 98,
113. Obviously, the minimum distance between to affected bits is d2=15.
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Table 5-2: Matrix of 8×16 interleaver for k1=113, k2=17
0

113

98

83

68

53

38

23

8

121

106

91

76

61

46

31

16

1

114

99

84

69

54

39

24

9

122

107

92

77

62

47

32

17

2

115

100

85

70

55

40

25

10

123

108

93

78

63

48

33

18

3

116

101

86

71

56

41

26

11

124

109

94

79

64

49

34

19

4

117

102

87

72

57

42

27

12

125

110

95

80

65

50

35

20

5

118

103

88

73

58

43

28

13

126

111

96

81

66

51

36

21

6

119

104

89

74

59

44

29

14

127

112

97

82

67

52

37

22

7

120

105

90

75

60

45

30

15

Figure 5-4 shows the performance results of the coded MC-CDMA system with
impulsive noise in the channel medium of the system analyzed in Figure 4-21 for
different interleaver sizes. These results are also compared to the upper bound of equation
5.9 in Figure 5-4. The simulation results clearly show that increasing the size of the
interleaver improves the performance. Specifically, the interleaver with 1024×16 size
yields more than 4dB gain in SNR at BER of 10-5 compared to a system without code and
interleaver. However, further increasing the interleaver depth from 128 to 1024 gives less
than 1dB gain. Figure 5-4 also shows the calculated upper bound in 5.9. As it can be
seen, the upper bound is very close to the curve of interleaver size of 1024 × 1024 for
high SNR values, since it is calculated under the assumption of ideal (infinite) interleaver
size. This fact shows that increasing the interleaver size more than 1024 × 1024will not
improve the performance of the system.
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Figure 5-4: Coded MC-CDMA simulation results with different interleaver sizes and
analytical upper bound assuming infinite interleaver

5.2 Concatenated coding
Concatenated coding, devised by Forney in 1966 [69], is another powerful
technique for constructing codes resistant to burst errors. Concatenated codes use a
nonbinary code as an outer code and a binary code as an inner code. The inner code is
generally short and is decoded with a soft-decision decoding algorithm and the outer code
is generally larger and decoded with an algebraic decoding method. Normally, the inner
code is responsible for random errors happened by background noise and the outer code
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is cleaning up the burst noise. The inner code is usually a convolutional code. In most
conventional applications Reed-Solomon (RS) codes [70] are used as the outer codes.
RS codes guarantee that successful receipt of any k distinct packets enables
reconstruction of the source data. If the coding system transforms the k input packet to

n
n=k+l packet, stretch factor for this code is defined as s = . When l redundant packets
k
and k-l source data packets arrive, there is a system of l equations corresponding to the l
redundant packets received. Substituting all values corresponding to the k received
packets into these equations takes (k − l + 1)

lA
exclusive-ORS of source packets, where
2

A is the length of a symbol. The remaining subsystem has l equations and l unknowns
corresponding to the source data packets not received. With RS codes, this system has a
special form that allows one to solve for the unknowns in time proportional to l2 via a
matrix inversion and matrix multiplication. RS codes are theoretically the most perfect
set of codes for outer coding (or erasure channel coding) but they suffer from some
practical limitations, which are stated briefly in the following paragraph.
For RS codes, the size of the finite field symbol alphabet is an upper bound on n,
and this size limits the stretch factor. In most practical implementations, the alphabet size
is 256 (each symbol is one byte), which limits n to values of 256 or less. It is possible to
use a larger alphabet size for RS codes, e.g., 65,536 (each symbol is two bytes), but in
this case, the practical stretch factor is severely limited to small values due to processing
considerations. On the encoding side, the operations needed to generate n encoding
packets requires

klA
exclusive-ORs of source packets, where A is the length of a symbol
2
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(16 in this example). Thus, for example, if k=10,000, and n=20,000 (a moderate stretch
factor of two), then it takes 800,000,000 exclusive-ORs of source packets to produce
20,000 encoding packets from 10,000 source packets or around 80,000 exclusive-ORs of
source packets per source packet, which is prohibitively expensive. Thus, even a
moderate stretch factor of two is not practically possible for moderate values of k. For all
but very small values of k, the practical limitation on l is a few hundred at most, as the
processing overhead to produce the encoding per source packet is linear in

lA
. The
2

decoding time is typically comparable to the encoding time for RS codes. The large
encoding and decoding time for RS codes arises from the dense system of linear
equations used.
An alternative to RS codes for erasure channels is Raptor codes [71] or a variation
of them, Tornado codes [72]. These codes are two layered codes of Low Density Parity
Check Codes (LDPC) [73] as the first layer and LT codes or Fountain codes as second
layer [74]. Both of these codes in each layer use a sparse parity check code and therefore
the order of operations for encoding and decoding is small. The only drawback of using
Raptor code relative to RS codes is that the decoder requires slightly more than k of
transmitted packets to reconstruct the source data. Any subset of size k(1+ε) is sufficient
to recover the original k symbols with high probability. Shokrollahi in [71] proves that
each output symbol is generated by using O(log(1/ε)) operations, and the original
symbols are recovered from the collected ones with O(k log(1/ε)) operations. Thereby,
the number of operation for decoding and encoding of the symbols are independent of the
size of the packets, A. These codes can encode very large data blocks (compared to RS
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where each block is a GF(2m) symbol that prohibits large encoding blocks for complexity
of encoding and decoding, both.) which is very essential in our case, since we are
considering broadband communications with high rates. Table 5-3 shows comparison
between decoding time for RS code and Tornado code for erasure channels [72].
Table 5-3: Comparison between decoding time for RS codes and Tornado codes.

For simulation purposes, we adopted communications scheme and conditions
used for Figure 5-2. As mentioned earlier, the Raptor code consists of a precoder and
Fountain code. The precoder that we have used in our simulations is a high rate (1088,
1224) LDPC code and the Fountain encoder is an LT-code. LT-codes share the same
error floor problems as LDPC codes over erasure channels. However, it has been shown
that using the LDPC as a precoder for LT-code solves the error floor problem. The degree
distribution of our LT-code is as follows:

Ω (x ) = 0.008 x + 0.496 x 2 + 0.166 x3 + 0.072 x 4 + 0.0835 x5 + 0.056 x8 + 0.0372 x 9
+ 0.0562 x19 + 0.0250 x 65 + 0.0003 x 66

5.13
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where the coefficient of every term shows the probability of choosing the exponent of x
as the number of input nodes incorporated in generated output symbol.
Figure 5-5 shows the simulation results of the frame error rate (FER) versus
SNR performance of our system for two rates of R = 0.375 and R = 0.362 which are also
compared to Convolutional codes of rate R = 1 / 2 and R = 1 / 3 . As it can be observed, the
results for the concatenated code with rate of 0.362 achieve an FER of 10-6 at an SNR
value of 8.75 dB. In fact, this code achieves waterfall reduction of BER as a function of
SNR. The observed error floor in the case of R = 0.375 code is mainly due to the low
percentage of the uncovered nodes, which comes from the random nature of the code.
However, the rate of concatenated code in both cases is higher, comparing to the case of
using a R = 1 / 3 Convolutional code alone.
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Figure 5-5: FER performance versus SNR comparison of codes with different rates
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Figure 5-6 shows the performance of the system versus inverse of the code rate
value. As can be realized, no error floor is observed within the range of the simulation
with a decrease in the rate.
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Chapter 6
Indoor White LED communications
Indoor wireless connectivity is always appealing to consumers because of its ease
of use. One of the conventional wireless access systems is Wi-Fi. These systems and
similar other wireless schemes suffer from so many shortages, such as interference, not
providing quality-of- service (QoS), adequate coverage, etc.
A better candidate for wireless home networking is optical wireless. Use of
conventional lasers for optical indoor communications has not been feasible as yet,
because of the high cost of laser sources. Instead of lasers, LEDs can be used as
communications transmitters connected to electric grid, receiving high data rate signals
via BPL.
Recently, white LEDs emerged in the market and are considered as future
“lamps”. Apparently, in the near future, the incandescent and fluorescent lamps will be
replaced by the low cost, efficient and miniature white LEDs. Researchers pledge that by
2012, these devices will reach 7W and 1000lm. This is brighter than a 60-w bulb and yet
draws a current provided by 4 D-size batteries [75]. A Japanese research team suggested
the use of the same white LEDs not only for lighting the homes, but also as light sources
for wireless in-house communications [76]. Using this new and developing technology
along with MV/LV powerline communications can create a revolution in the area of
consumer networking due to its efficiency and affordability.
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White LEDs are considered as strong candidates for the future of lighting
technology . The reason is that LEDs offer very favorable characteristics such as high
brightness, very low power consumption and high lifetime expectancy. Therefore, it is
predicted that in near future white LEDs will replace the conventional incandescent and
fluorescent lamps.
Moreover, LEDs can be used as a wireless communications transmitter. This is
not possible for any other kinds of lamps in broadband transmission. This functionality of
LEDs as a transmitter is based on a fast response time and modulation of visible light for
wireless communications. Figure 6-1 shows a very general realization of visible light
communication system using white LEDs. This system is a wireless optical indoor
system that uses visible light as communications carrier. The concept of indoor optical
communications has been an active area of research since early 1980’s. Most of the
research in this area is done based on Infrared (IR) as the communication carrier and
results from these efforts are nearly all applicable to any parts of light frequency
spectrum.
There are several advantages using white LEDs for communications over Wi-Fi
and IR for indoor communications:
Installation is easier than most of wireless systems.
White LED communications do not need any band licensing because it
does not cause or suffer from any electromagnetic interference. Whereas,
there are always concerns in using Wi-Fi or any other RF communications
systems regarding interference from or to other wireless communication
systems.
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Different users in different rooms and buildings do not interfere with one
another because LED signal rays do not go through walls. On the other
hand, in Wi-Fi, it is possible that different transmitted access point signals
interfere and cause a degraded performance.
Shadowing effect is so much less compared to IR case because LED light
fixtures are distributed throughout the room.
LEDs are less expensive than laser sources used in IR.
Receiver obtains at least one strong Line of Sight (LOS) signal as the
transmitters are on the ceiling. This is not the case in most IR transmission
situations.

Figure 6-1: Visible light communications using white LED

6.1 Cellular white LED communications planning
For any optical transmitter half-power (HP) angel and for any optical receiver,
field-of-view (FOV) is defined. Half-power angle, is the highest angle that the transmitter
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can illuminate and FOV is the highest angle that the receiver can receive signal rays
from. The mathematical definitions of these parameters are given by equations 6.1 and
6.2.

r1
)
H
r
HP = tan −1 ( 2 )
H

FOV = tan −1 (

6.1
6.2

where r1, r2 and H are shown in Figure 6-2.

H

Figure 6-2: An optical communications scenario
In order to illuminate a room with white LED, we need to use several LEDs. For
modeling purposes, we used the scheme shown in Figure 6-3. In this model room, nine
LED lamps (which consist of several LEDs) are employed with 2 meters spacing between
the lamp rows on the ceiling and 1 meter distance to the walls. It is shown in [76] to have
a uniform illumination anywhere in the room the HP angle has to be greater than 70
degrees.
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Figure 6-3: A model room using white LED communication system configuration
The illumination coverage area of the center lamp is shown in Figure 6-3 by a
dashed circle. Receiver should be designed in a way that its FOV is high enough to at
least receive a LOS signal ray from one transmitter. In this way, there would be no blind
spot in the room. The nearly blind spots in the room are near the corners. According to
Figure 6-3, if the receiver’s coverage area radius is greater than

2 meters, receivers at

the corners will at least receive one LOS signal from the closest transmitter. If we assume
the room height is 3 meters, this coverage area will correspond to an FOV equal to
tan −1 (

2
) ≅ 25 degrees. Therefore, the design for the receiver needs a FOV equal or
3

greater than 25 degrees. Jivkova and Kavehrad in [77] have designed an efficient receiver
configuration for a FOV of 25 degrees. According to this research, a greater FOV needs
more complexity and a greater receiver area. In the same paper, Jivkova and Kavehrad
have investigated different scenarios of wireless optical communications for covering an
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indoor space. In this paper, they argue that an FOV of approximately equal to 30 degrees
can optimize the link budget of the system both in cellular schemes, like white LED, and
diffusing multispot regimes.

6.2 Indoor optical channel modeling
Similar to other communications channels, modeling of wireless optical channels
has been a challenge. The very first impulse response model for these channels was
presented in [78] by Bapst and Gfeller. Equation 6.3 is the result of this research.

2τ 02
t 3 sin(FOV)

h(t)=

{

0

τ0 < t <

τ0
cos( FOV

6.3

elsewhere

where τ0 is the delay of the shortest path from transmitter to the receiver. From 6.3, it is
noticed that obtaining a narrower FOV results in a smaller delay spread in the channel.
This delay spread is caused by reflections of the optical signals off of the walls. For a
room with dimensions of our model room and with a receiver with 25 degrees FOV, the
delay spread cannot exceed 2 nanoseconds. Furthermore, equation 6.3 confirms that
reflected signals have so much less power at the receiver compared to LOS path signals.
This causes the impulse response to have a very significant LOS signal and some residual
attenuated signals. Due to this fact some researchers in some papers, like in [79] have
assumed that in white LED communications, the channel only consists of one straight
LOS path.
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The more rigorous channel modeling process for indoor optical channels was
suggested by Alqudah and Kavehrad in [80]. In this paper, authors consider up to three
signal reflections from the transmitter to the receiver. Their models is used for infrared
applications, which they have their signal source on the floor aiming a beam to the
ceiling. By some modifications, their method can be adapted for our system
configuration.
The complexity in obtaining channel impulse response is brought about by the
multiple paths signals take, in traveling from a transmitter to a receiver. This multipath
results from reflection off of walls, ceiling, furniture, etc. Room surfaces act as
Lambertian reflectors that reflect an incident signal in all directions. Assuming room
surface exposed to a transmitter is made of N surface elements, each reflection produces
N-1 new reflections, as illustrated in Figure 6-4. In this case the room has assumed to
have three elements and the transmitter has LOS path to the receiver and two paths to
points a and b. The impulse response of any reflection is found by considering all the
elements within the receiver FOV. In this example, all the elements are within the
receiver FOV. Complexity in calculating impulse response is caused by reflections. Each
reflection results in N-1 new reflections. When determining channel impulse response,
contribution of each element on a surface within receiver FOV should be considered.
Since surfaces do not offer perfect reflection and signal strength is inversely proportional
to the distance traveled, a finite number of reflections are considered in obtaining an
impulse response.
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Figure 6-4: Illustration of signal propagation. The room surface is composed of 3
elements: a, b, and c.
Impulse responses are obtained by dividing the reflecting surface into a finite
number of reflecting elements N [81]. If N is large, accurate samples of continuous
impulse response are obtained. The number of elements N for a rectangular room, of
dimensions equal to (W, L, H), is given by:

N = 2×(nx × nz + nx × ny + ny × nz )

6.4

W
L
H
=
=
=d
nx
ny
nz

6.5

where

The constant d represents the distance between centers of neighboring elements,
which is taken to be the same for all surfaces. Every surface element contributes directly
to received signal if that element is within receiver FOV, or indirectly through reflections
off of other surfaces, as illustrated in Figure 6-5.
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(a)

(b)

(c)

Figure 6-5: Illustration of (a) direct path, (b) single reflection, and (c) two reflections.
Reflections are counted from diffusing spots to a receiver.
The radiation pattern of surface elements is assumed a first order Lambertian.
They reflect incident light with equal intensity in all directions. Therefore, the intensity at
an angle θ from the surface norm is proportional to cos(θ ) .
The line-of-sight response h0(t), when the source T is within the FOV of the
receiving element R can be expressed as [81]:
0
h TR
(t ) =

cos( ϕ TR ) ⋅ cos( θ TR ) ⋅ A

π ⋅ R TR 2

R δ ( t − R TR )
c

6.6

where cos(ϕ TR ) is equal to dot product of two unit vectors. The first is
perpendicular to T (Transmitter location point at its surface) and the second originates
from R (Receiver location point at its surface) and extends toward T. The angle θTR is the
angle between a vector perpendicular to R and a vector that lays on the straight line that
connects T and R. AR is the receiving element area, RTR is the distance between T and R,
and c is the speed of light. The response after a single reflection off an element i is
obtained by treating i as a receiver, and then as a source as shown in Figure 6-5(b). The
impulse response is given by:
1
h TR
(t ) =

cos( ϕ Ti ) cos( θ Ti ) A i ρ i cos( ϕ iR ) cos( θ iR ) A R
R + R iR
δ ( t − Ti
)
2
2
c
π R Ti
π R iR

6.7
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where Ai is the area of the reflecting element i, and ρi is its reflectivity. The
response resulting from two reflections off elements i first and then off element j is found
by extending 6.7 to include impulse response between j and receiver, as illustrated in
Figure 6-5(c), and is expressed as:
h i2, j , R ( t ) =
cos( ϕ Ti ) cos( θ Ti ) A i ρ i cos( ϕ i j ) cos( θ i j ) A
2
π R 2 Ti
π R ij

ρ j cos( ϕ

jR

) cos( θ

π R

2

jR

jR

)AR

δ (t −

j

R Ti + R ij + R
c

×
jR

6.8
)

Equation 6.8 makes it clear why received power through reflections becomes
insignificant as higher reflection orders are considered. This is the case since nth order
impulse response is equal to n-1th order multiplied by a quantity that is much smaller than
1. In this study, up to third reflection is considered in calculating the impulse response.
In this model, the transfer function between a transmitter and a receiver is divided
into 4 components. The first represents the transfer function between sources and surface
elements. The second block contains the transfer function between surface elements. The
third has the transfer function from surface elements to a receiver. The last component
accounts for direct response between a source and a receiver. These relations are
represented in Figure 6-6.
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Figure 6-6: New representation of direct, first, and second reflection for a mutiple
source and a single receiver.
The first component in this model represents transfer function between sources on
the ceiling and surface elements. It is referred to as Source Profile and is modeled by a
multiple-input multiple-output system with N outputs. The transfer function between each
source and each of surface elements is expressed by an entry in matrix F.
The second component consolidates dependence on indoor geometry, dimensions,
and reflection coefficients. This component contains the transfer functions between any
two reflecting elements. In matrix format, and considering up to n reflections, it is
expressed as:

⎧ I NxN + φ + φ 2 + φ 3 + L φ n −1
Φn = ⎨
I NXN
⎩

,n ≥ 2
,n = 1

where INxN is the N×N identity matrix, and φ is given by

6.9
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⎡ φ11
φ = ⎢⎢ M
⎢⎣φ N 1

L φ1 N ⎤
⎥
O
M ⎥
L φ NN ⎥⎦

6.10

The entry φik represents transfer function between two elements i and k and is
given by

0
,i=k
⎧
⎪ ρ cos θ cos ϕ A
R
φ ik = ⎨ i
ik
ik k
δ (t − ik )u (π 2 − θ ik ) , i ≠ k
2
⎪⎩
c
π Rik

6.11

The environment matrix is independent of transmitter and receiver, once
calculated; it can be used with any transmitter/receiver configuration.
Receiver profile contains transfer functions between a receiver and N surface
elements. In vector form, it is expressed as:

⎡ g1r ⎤
Gr = ⎢⎢ M ⎥⎥
⎢⎣gNr ⎥⎦

6.12

where the entry gir is given by

g ir =

R ir
ρ i cos θ ir cos ϕ ir Ar
δ
(
t
−
)u ( FOV r − θ ir )
c
π R ir2

6.13

Figure 6-7 shows the amplitude of G entries for different locations and FOV
values. It is clear from the figure that the number of non-zero elements is directly
proportional to the receiver FOV. The symmetry of the G vector is lost when the receiver
is located close to more than one surface, each in a different plane.
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(a)

(b)
Figure 6-7: (a) Amplitude of the G vector for a small FOV (7o), the receiver is located
at (2.5,4.5,0.9). (b) Amplitude of G at the same location with a larger FOV (90o).
Room dimensions are 6mx6mx3m.
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When a source is within a receiver FOV, a direct response results. This response
is expressed as:
J

∑d

Hd =

i

6.14

Rir
)u( FOVr − θ ir )
c

6.15

i =1

di =

cos θ ir cos ϕ ir Ar

π Rir2

δ (t −

The entries di’s correspond to the J sources on the ceiling. Rir accounts for the
delay between source i and receiver.
The impulse response between the sources and the receiver through the surface
elements is given as:
j

Hs =

∑ h′

6.16

i

i =1

′

′

where hi s are the elements of vector H i = F .Φ .G .
The total impulse response H between a source s and a receiver can then be
expressed as:

H = Hd +H

s

6.17

Following this modified method, we found the channel impulse response for two
receivers at arbitrary points in our model room of Figure 6-3, point A at (3,2.5,0.9) and
point B at (0.5,0.5,0.9). The results are depicted in Figure 6-8 (a) and (b). For simulation
purposes we chose d to be equal 0.1 meter and total number of points, N, equal to 14400
points. The receiver specifications are those found earlier for reliable communications in
our model room.
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(a)

(b)
Figure 6-8: Impulse response of (a) point A at (3,2.5,0.9) and (b) point B at
(0.5,0.5,0.9)
Other than reflections on the walls, optical path differences can cause delay
spread. These path differences are due to LOS signal arrivals from different sources to a
receiver. If a receiver at a certain point in the room has enough FOV to have more than
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one straight path to two or more transmitters, this receiver will capture strong signals
from different transmitters with time delays. This phenomenon is seen in Figure 6-8 (a),
where there are two significant strong signals in the estimated impulse response. The
delay between the signals is given by equation 6.18.

td =

( w − x) 2 + h 2 − x 2 + h 2
c

6.18

where c is the speed of light and w,x,h are given in Figure 6-9 .

Figure 6-9: Calculation of optical path difference.
With our room dimensions and the system configuration, a receiver at most can
have LOS path to two transmitters and the worst delay between these two paths is 1
nanosecond. Therefore, in order to avoid a severe inter symbol interference (ISI), the
transmission symbol rate needs to be less than one Giga symbols per second. This shows
the superb transmission capacity of this kind of channels. If the conventional on-off
keying

modulation

is

used,

a

bit

rate

of

1

Gbit/sec

is

feasible.

Chapter 7
Conclusion and future work

7.1 Summary of results
Broadband power-line (BPL) communications systems have the potential of
providing higher data rates compared to old power-line communications (PLC) systems;
due to progress in PLC modem technology, mainly owed to advances in signal processing
and communications theory. This dissertation firstly, focuses on analysis of this type of
communications channel and explores to potential data rate that can be achieved by
exploiting this system, which the summary of these results are as following:
1.

Overhead MV lines differ considerable in structure and physical properties
compared to other wire-lines as twisted-pair, coaxial and fiber-optic cables.
The power-lines in USA hang overhead at a height of ~10 meters above
ground, for more than 85% of locations. Typically, four wires, three phases
and a neutral (sometimes a grounded neutral) with ~ 1 meter spacing
between wires are used over the earth. Wires are made of aluminum with
conductivity 61% of standard annealed copper. Wires are unshielded; thus,
quasi-guided (guided plus unguided) modes exist. Each power-line acts as a
BUS; thus the available band has to be shared among users.

2.

The lines produce a number of discrete modes equal to the number of
conductors. For example, three-wire solution provides 2 aerial (differential)
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modes and a ground (common) mode. Injection pattern excites different
modes.
3.

Discontinuities at branches make the signals reflect back, due to the
mismatches at each branch; therefore the channel impulse response is
composed of several delayed received signals. This phenomenon makes the
channel response frequency selective thus decreasing the channel capacity
limit. Thereby, in order to have an ideal powerline channel, impedances at
each branch need to be matched to the transmission line.

4.

Common mode injection (wire-to-ground) excites the ground mode,
creating interference. Due to the unshielded nature of MV overhead powerlines, Electromagnetic Compatibility (EMC) issues arise. Common mode
currents in parallel wires generally produce more radiation than differential
currents, because the fields generated by the latter tend to cancel one
another, given a field wavelength larger than the spacing between the wires.
Also, impedance discontinuities can influence radiation patterns and
transmission characteristics and can raise the potential for resonance.

5.

Besides signal distortion due to frequency-dependent cable losses and
multi-path propagation, noise is the most crucial factor degrading high-speed
data transmission over powerline networks. In particular, impulsive noise
causes significant time-variant behavior of the SNR on powerline channels.
The width, interarrival time and power of impulse events typically reaches
values, which will very likely cause bit or even burst errors. Moreover, two
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different models were proposed in this research and it was proven that both
of these models give the similar results for simulation purposes.
Based on the investigated properties of powerline channels, this research provides
in-depth study of communications schemes and coding to provide a reliable and high data
rate link for this channel. Several methods are proposed to tackle the burdens of
powerline communications. The summary of these efforts is presented as follows:
1.

Spread Spectrum techniques specially Direct Sequence Spread Spectrum can
provide a low interference communications link but due to the deep fades in
the channel, the synchronization of transmitter and receiver is a sophisticated
and complex procedure. Moreover, providing a high data rate is not easy in
this communications system.

2.

Orthogonal Frequency Division Multiplexing (OFDM) is the most
promising transmission technique in order to deliver data at a very high
speed on this channel. By the application of OFDM, the most distinct
property of powerline channel, its frequency selectivity, can be easily coped
with.

Moreover, OFDM can make a very efficient use of allocated

bandwidth and energy. Not all OFDM subchannels experience the same
channel deterioration. For this reason, it is admissible to use more cautious
communication techniques on these subcarriers. In this research, we
examined the effect of energy and bandwidth allocation on the system
performance and we provided the optimum algorithm to achieve the desired
criteria. By this method, it is possible to achieve higher data rates and better
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performance for an OFDM system. However, the complexity of the system
is increased.
3.

By using OFDM as the communications technique, we proposed an iterative
algorithm to cancel the impulsive noise available in powerline channels,
which is a very beneficial method to guarantee a reliable communication
link without increasing the transmitted signal’s power.

4.

Similar to any communications system, coding can help to improve the
overall performance of the OFDM system over powerline channels. Due to
heavy burst noise characteristics of powerline channels, the performance of
conventional

convolutional

codes

degrades

extensively.

Therefore,

concatenated coding is a suitable alternative coding scheme. We proposed
using Fountain codes as the outer code instead of Reed-Solomon (RS) codes.
It was shown in this research that Fountain codes are more practical and easy
to implement than RS codes with faster encoding and decoding procedure.
In this research, we proposed using of white LED communications along with
BPL to provide wireless, secure indoor connectivity. The results of this investigation are:
1.

These systems should provide optical lighting as well as optical
transmission. To meet these criteria, we designed a white LED system for
lighting and high data rate indoor communications in a model room such
that there is no blind spot in the room for data communications, while the
room is lit almost uniformly.

2.

We developed a channel model for the proposed system based on modeling
algorithms provided in [80]. It is shown that optical path difference can
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cause a signal distortion in high-speed data transmission. This distortion is
highly dependant on the room dimensions and system configuration. If a
system is designed appropriately, this distortion can be minimized. For
example, in our proposed system at worst distortion limits the data rates to 1
Gbit/sec.

7.2 Future work
Based on the contributions and tools developed in this thesis, future research in
development of Broadband over Powerline Communications and white LED
communications should focus more on practical aspect of these fields. For example, the
communication channel found in this research for both systems should be verified more,
experimentally.
The EMC characterization of powerlines and the impedance matching of lines are
also vital issues for this technology to improve. There is no practical technology available
to provide load matching for powerline networks, as yet. Furthermore, the effect of
coupling on the radiation pattern should be explored. Also, high bandwidth coupling
techniques are not easy procedures and several research groups are working on this
subject.
The coding schemes specially using of Fountain codes as the outer code need to
be more investigated as this scheme shows a promising performance.
Moreover, white LED communications is still in its infancy and not economical.
There is also debate about the uplink communication scheme for these systems. Either
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Time Division Multiplexing (TDM) or Wavelength Division Multiplexing (WDM) can
be used for this matter. The feasibility of any of these techniques and their performance
need to be investigated.

7.3 Publications
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• P. Amirshahi, M. Kavehrad, “On The Channel Characteristics of Overhead
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Review of Communications, Volume 58, ISBN: 978-1-931695-36-7,
December 2005.
• P. Amirshahi, M. Kavehrad, “High Frequency Characteristics of Overhead
Multi-conductor Power-lines for Broadband Communications,” submitted to
IEEE Journal on selected area of communication.
• P. Amirshahi, M. Kavehrad, “Hybrid MV- LV Power-lines and White Light
Emitting Diodes for Triple Play Broadband Access Communications,” IEC
comprehensive report on Achieving the Triple Play: Technologies and
Business Models for Success, ISBN: 978-1-931695-37-4, December 2005
• P. Amirshahi, S. M. Navidpour, M. Kavehrad, “Performance Analysis of
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